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Abstract

The explosive development of wireless communication services creates a demand
for more flexible and cost-effective communication systems that offer higher data
rates. The obvious trend towards small-size and ultra low power systems, in com-
bination with the ever increasing number of applications integrated in a single
portable device, tightens the design constraints at hardware and software level.
The integration of current mobile systems with the third generation systems ex-
emplifies and emphasizes the need of monolithic multi-band transceivers. A long
term goal is a software defined radio, where several communication standards and
applications are embedded and reconfigured by software. This motivates the need
for highly flexible and reconfigurable analog radio frequency (RF) circuits that can
be fully integrated in standard low-cost complementary metal-oxide-semiconductor
(CMOS) technologies.

In this thesis, the Voltage-Controlled Oscillator (VCO), one of the main chal-
lenging RF circuits within a transceiver, is investigated for today’s and future com-
munication systems. The contributions from this work may be divided into two
parts. The first part exploits the possibility and design related issues of wide-band
reconfigurable integrated VCOs in CMOS technologies. Aspects such as frequency
tuning, power dissipation and phase noise performance are studied and design ori-
ented techniques for wide-band circuit solutions are proposed. For demonstration
of these investigations several fully functional wide-band multi-GHz VCOs are im-
plemented and characterized in a 0.18µm CMOS technology.

The second part of the thesis concerns theoretical analysis of phase noise in
VCOs. Due to the complex process of conversion from component noise to phase
noise, computer aided methods or advanced circuit simulators are usually used
for evaluation and prediction of phase noise. As a consequence, the fundamental
properties of different noise sources and their impact on phase noise in commonly
adopted VCO topologies have so far not been completely described. This in turn
makes the optimization process of integrated VCOs a very complex task. To aid the
design and to provide a deeper understanding of the phase noise mechanism, a new
approach based on a linear time-variant model is proposed in this work. The theory
allows for derivation of analytic expressions for phase noise, thereby, providing
excellent insight on how to minimize and optimize phase noise in oscillators as
a function of circuit related parameters. Moreover, it enables a fair performance
comparison of different oscillator topologies in order to ascertain which structure
is most suitable depending on the application of interest. The proposed method is
verified with very good agreement against both advanced circuit simulations and
measurements in CMOS and bipolar technologies. As a final contribution, using the
knowledge gained from the theoretical analysis, a fully integrated 0.35µm CMOS
VCO with superior phase noise performance and power dissipation is demonstrated.
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2G Second Generation
3G Third Generation
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PFD Phase-Frequency Detector
PM Phase-Modulation
PQVCO Parallel Coupled Quadrature Voltage-Controlled Oscillator
Q Quality Factor
QP Charge Pump
QVCO Quadrate Voltage-Controlled Oscillator
RF Radio Frequency
rms Root Mean Square
SCA Switched Capacitor Array
SIP-QVCO Source-Injection Parallel Coupled Quadrature Voltage-Controlled

Oscillator



SNR Signal-to-Noise Ratio
SOI Silicon-On-Insulator
SS-VCO Single-Switch Voltage-Controlled Oscillator
SQVCO Series Coupled Quadrature Voltage-Controlled Oscillator
VCO Voltage-Controlled Oscillator
VGA Variable Gain Amplifier
VLSI Very Large Scale Integration
WCDMA Wide-Band Code-Division Multiple Access
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Chapter 1

Motivation

Wireless communication is one of the fastest growing areas of modern life. It
has an enormous impact on almost every aspect of our daily lives. A world of
ubiquitous wireless devices is emerging, from wireless sensors and tags to mobile
terminals. An obvious trend in today’s market is the development of wireless bat-
tery driven portable devices that are capable of supporting several applications and
services. The integration of second (2G) and third generation (3G) mobile systems,
in combination with Bluetooth and multi-media applications in cellular phones,
exemplifies such a case [1]. A possible scenario for the next generation (4G) of
mobile systems is the implementation of low cost and flexible radio terminals that
are capable of 2G/3G together with Wireless Local Area Network (WLAN) pos-
sibilities. The basic idea is to manage the high data throughput using local area
coverage, by means of the WLAN technologies at 2.4 and 5GHz bands, while low
data throughput is supported by standards such as Wideband Code-Division Mul-
tiple Access (WCDMA). The traditional approach in multi-standard devices is to
employ multi-chip or package solutions, where each radio standard is implemented
as a stand-alone chip [2]. The obvious drawbacks of these solutions are the increased
power dissipation, increased heat, and occupation of a large chip area. Further, the
cost for such solutions is in principal linear with the number of communication
standards it follows. A single-chip multi-standard transceiver with capabilities of
satisfying several communication standards, could dramatically reduce the cost and
increase the functionality for RF communication devices. This motivates the need
for highly flexible and reconfigurable analog RF circuits that can be fully inte-
grated together with digital circuits in standard available low-cost complementary
metal-oxide-semiconductor (CMOS) technologies [3, 4, 5, 6].

This work focuses on the analysis and design of the integrated Voltage-Controlled
Oscillators (VCOs) for the wide-band capability needed to address the aforemen-
tioned RF standards. The VCO is a vital sub-circuit in a transceiver, and often
limits the performance of modern communication systems. Every communication

1



2 CHAPTER 1. MOTIVATION

standard places different constraints on the VCO, including different frequency
ranges and resolutions, phase noise and jitter requirements. In general, most re-
search has focused on producing VCOs that satisfy one specific standard [7, 8, 9].
A typical example of such an implementation is a VCO with about 10% of tuning
range. With this philosophy, a system that supports multiple standards may include
multiple VCOs. As a step towards reducing the cost and provide low power flexible
reconfigurable systems, solutions for multi-standard VCOs are investigated in this
thesis. Integrating the VCO, in silicon technologies, saves the need for off-chip dis-
crete components and provides important advantages in terms of cost, physical size
and design flexibility. However, this often comes with the cost of poor performance
and increased power dissipation. Although most of the VCO structures might ap-
pear to be very simple, the design of a VCO compliant with the specifications of
modern wireless standards is one of the most complex tasks in the integration of a
transceiver. The tuning range and phase noise requirements are usually the hardest
specifications as they are traded against each other and power dissipation. More-
over, these circuits are intrinsically time-variant [10], which makes analysis of their
phase noise performance extremely difficult. This motivates further research and
investigations on the modelling of phase noise to aid the design and optimization
of VCOs for both narrow- and wide-band applications.

1.1 Scope of this Work

This work contain extensive analysis and investigations of VCOs for wide-band and
reconfigurable systems. Specific questions that are investigated in this work span
from ”How are integrated oscillators realized in modern technologies?” and ”What
are the main concerns and problems involved?” to ”Is it possible to design a single
fully integrated oscillator that can satisfy several radio standards with minimal
amount of duplication in hardware?” and ”To what extent is it possible to make
the circuit flexible and reconfigurable?”

The contributions of this work may be divided into two parts. The first part
investigates various VCO topologies with different frequency tuning techniques in
order to cover for a wide frequency band while satisfying several communication
standard requirements. Several prototypes of wide-band oscillators have been im-
plemented that are basically very similar to a narrow-band oscillator, except that
the tuning performance is extended to several GHz. The main goal of these designs
is to increase the level of integration while keeping the traditional performance pa-
rameters such as power dissipation and phase noise on an acceptable level. Phase
noise and amplitude variations along the operation frequency, being a significant
issue in wide-band oscillators, are studied and design oriented techniques for im-
proving the performance are suggested.

The second part of this work, which is not specific to any technology or com-
munication standard is to understand the physical process of how different noise
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mechanisms are converted into phase noise. A new approach for prediction of phase
noise, based on a time-variant model, is applied to several commonly used oscillator
topologies both in CMOS and bipolar technologies. The proposed approach is able
to show the impact of dominant noise sources and their contribution to phase noise.
Closed-form symbolic expressions for dominant noise sources in various classical os-
cillator topologies are derived. These novel analytic expressions are confirmed both
in simulations and measurements.

1.2 Publications Included in the Thesis

Paper I. A. Fard, T. Johnson and D. Åberg, “A Low Power Wide-Band CMOS
VCO for Multi-Standard Radios”, in Proceedings of IEEE Radio and Wireless Con-
ference (RAWCON), pp. 79–82, Atlanta, USA, September 2004.

Paper II. A. Fard, T. Johnson and D. Åberg, “Design of a Dual-Band 5/2.4
GHz CMOS VCO for 802.11a/b/g WLAN Applications”, in Proceedings of IEEE
Asia-Pacific Conference on Circuit and Systems (APCAS), Vol. 1, pp. 429–432,
Tainan, Taiwan, December 2004.

Paper III. A. Fard, “Phase Noise and Amplitude Issues of a Wide Band VCO
Utilizing a Switched Tuning Resonator”, in Proceedings of IEEE International Sym-
posium on Circuits and Systems (ISCAS), pp. 2691–2694, Kobe, Japan, May 2005.

Paper IV. A. Fard and D. Åberg, “A Reconfigurable CMOS VCO with an
Automatic Amplitude Controller for Multi-Band RF Front-Ends”, in Proceedings
of IEEE European Conference on Circuit Theory and Design (ECCTD), Vol. 1,
pp. 95–98, Cork, Ireland, August 2005.

Paper V. A. Fard and P. Andreani, “A Low-Phase-Noise Wide-Band CMOS
Quadrature VCO for Multi-Standard RF Front-Ends”, in Proceedings of IEEE Ra-
dio Frequency Integrated Circuit Symposium (RFIC), pp. 539–542, Long Beach,
USA, June 2005.

Paper VI. P. Andreani, X. Wang, L. Vandi and A. Fard, “A Study of Phase
Noise in Colpitts and LC-tank CMOS Oscillators”, in IEEE Journal of Solid-States
Circuits, Vol. 40, Issue 5, pp. 1107–1118, May 2005.

Paper VII. X. Wang, A. Fard and P. Andreani, “Phase Noise Analysis and
Design of a 3-GHz Bipolar Differential Colpitts VCO”, in Proceedings of IEEE Eu-
ropean Solid-State Circuits Conference (ESSCIRC), pp. 391–394, Grenoble, France,
September 2005.
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Paper VIII. P. Andreani and A. Fard, “A 2.3GHz LC-Tank CMOS VCO with
Optimal Phase Noise Performance”, To appear in Proceedings of IEEE Interna-
tional Conference on Solid-States Circuits (ISSCC), San Francisco, USA, February
2006.

1.3 Other Related Publications

Paper IX. A. Fard and D. Åberg, “A Novel 18 GHz 1.3 mW CMOS Frequency
Divider with High Input Sensitivity”, in Proceedings of IEEE International Sympo-
sium on Signals, Circuits and Systems (ISSCS), Vol. 2, pp. 409–412, Iasi, Romania,
July 2005.

Paper X. A. Fard, T. Johnson, M. Linder and D. Åberg, “A Comparative
Study of CMOS LC VCO Topologies for Wide-Band Multi-Standard Transceivers”,
in Proceedings of IEEE 47th International Midwest Symposium on Circuit and Sys-
tems (MWSCAS), Vol. 3, pp. 17–20, Hiroshima Japan, July 2004.

Paper XI. T. Johnson, A. Fard and D. Åberg, “An Improved Phase-Frequency
Detector with Extended Frequency Capability”, in Proceedings of IEEE 47th Inter-
national Midwest Symposium on Circuit and Systems (MWSCAS), Vol. 1, pp. 181–
184, Hiroshima Japan, July 2004.

Paper XII. A. Fard, T. Johnson and D. Åberg, “Design of a Dual-Band 5/2.5
GHz CMOS VCO for 802.11 a/b/g WLAN Radios”, in Proceedings of Swedish
System-on-Chip Conference (SSoC), B̊astad, Sweden, April 2004.

Paper XIII. T. Johnson, A. Fard and D. Åberg, “A High-Performance 1V
Dead-Zone Free Phase-Frequency Detector with Minimized Blind-zone”, in Pro-
ceedings of Swedish System-on-Chip Conference (SSoC), B̊astad, Sweden, April
2004.

1.4 Summary of Appended Papers

Paper I. This paper describes the implementation of a wide-band CMOS VCO
using a discrete tuning technique. Two different switched capacitor arrays are im-
plemented and compared in terms of tuning range, power dissipation and phase
noise. It is shown that it is possible to achieve a doubling in quality factor of
a differential switched capacitor array, which reduces the power dissipation for a
given phase noise performance. The circuit idea is supported by measurements in
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a 0.18µm process.

Paper II. In this paper, a dual-band solution for frequency generation for IEEE
802.11a/b/g radios is proposed. The main idea is to use a wide-band CMOS VCO
with extended tuning range that is operating on the double frequency of 2.4GHz
and through frequency division achieve the second band. By choosing proper fre-
quency divider circuits accurate quadrature signals are obtained. Circuit related
design techniques for improvements of phase noise and reduction of amplitude vari-
ations have been proposed.

Paper III. This paper addresses the amplitude and phase noise variations of a
wide-band VCO that is utilizing discrete tuning techniques. The design aspects
and optimization methods for such circuits are reported and supported by mea-
surements.

Paper IV. Based on results from previous papers, the amplitude variations of
wide-band VCOs have shown to be a significant issue in terms of power dissipation
and phase noise performance. To improve the performance of such circuits, an au-
tomatic amplitude controlling circuitry is added to a wide-band VCO that provides
more effective usage of power consumption. The design issues involved together
with advantages of the control loop are discussed in this paper. The circuit idea is
demonstrated and verified by measurements.

Paper V. An improved direct quadrature VCO (QVCO) for wide-band applica-
tions has been proposed in this paper. The relative performance degradations of
QVCOs compared to a differential VCO, concerning oscillation amplitude and phase
noise, have been discussed here. The proposed circuit provides for larger oscillation
amplitude when compared to other conventional QVCO structures. The QVCO
is compared to a differential VCO in theory and experiments for evaluation of its
phase noise, providing a good insight on its performance.

Paper VI. A new approach for derivation of closed-form symbolic formulas for
phase noise in two popular CMOS VCOs has been shown. The theory yields highly
accurate results under very general assumptions, and provides insight how different
noise sources are converted to phase noise. Based on the theoretical results, the
VCOs are compared to each other for fair evaluation of their performance. Several
state-of-the-art 0.35µm CMOS implementations demonstrates the accuracy of the
theory.

Paper VII. The phase noise theory based on earlier results for CMOS oscillators,
was applied to the more difficult case of bipolar Colpitts oscillators. Closed-form ex-
pression of phase noise is again shown. More interestingly the well-known optimum
point in phase noise, observed in many works by simulations or numerical calcula-
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tions, has been theoretically proven. The theoretical calculations are confirmed on
a low phase noise VCO design, both through simulations and measurements.

Paper VIII. In this work, the phase noise analysis is applied to two widely used
oscillator topologies in a standard CMOS technology. One of these circuits, the
double-switch VCO (DS-VCO), is well-known to achieve a larger oscillation ampli-
tude for a given power consumption and resonator, thereby, having the possibility
to display lower phase noise levels. However, in previous works found in literature,
it has been shown that it is very hard to achieve the improvements in phase noise.
By applying the knowledge from the previous presented phase noise theory, we
demonstrate the failure mechanism that causes the degradation in phase noise of
the DS-VCO and how to minimize that effect. The theory was successfully com-
pared with chip measurements, which indeed showed the possibility of achieving
a lower phase noise by proper design. To date and despite the process used, this
design achieves the highest figure of merit in literature for DS-VCOs.

1.5 Author’s Contributions in the Included
Publications

Paper I-V: The main ideas of the studies. Circuit ideas, analysis, simulations, ma-
jor part of the chip layout, test setup, measurements, major part of the manuscripts
and presentation of the papers.

Paper VI: Performance comparison between the Colpitts and SS-VCO in presence
of varactors and parasitics. Extensive package and wire-bonding simulations in or-
der to evaluate the source causing phase noise degradation in the CMOS Colpitts
VCO. Based on these analysis and simulations, a new FR4 PCB was developed.
The chips, which all were already packaged by the manufacturer, were dissembled
from the package for alternative measurement setups. Large number of measure-
ments were carried out, where the VCOs were flipped and bump-soldered directly
to the PCB.

Paper VII: Complete circuit analysis and derivation of closed-form symbolic ex-
pression for phase noise. Circuit simulations and verifications. Phase noise mea-
surements and major part of the manuscript.

Paper VIII: Partly involved in the theoretical analysis. Circuit simulations and
verifications of the theory. Literature survey on existing studies of the DS-VCO and
state-of-the-art implementations. Complete circuit design, chip layout, test setup
and all measurements.
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1.6 Thesis Organization

The rest of this thesis is organized as follows. A brief introduction to oscillators is
presented in Chapter 2, covering basic properties of integrated oscillators together
with a survey over existing phase noise models, to serve as a background infor-
mation on design related issues and research in this area. Chapter 3, focuses on
analysis and design aspects of wide-band multi-phase VCOs. The implementation
issues are described and simulation results on functional wide-band VCOs are also
reported. An overview over the existing quadrature VCOs is reported. An improved
wide-band quadrature VCO is proposed and brief features of the circuit compared
to other conventional topologies are discussed. In Chapter 4, a new approach for
development of closed-form analytic expression for phase noise in oscillators, based
on a time-variant model, is presented. The theory is applied to several VCO topolo-
gies, both in CMOS and bipolar technologies, giving design related insight on how
to optimize the oscillators in terms of phase noise and power dissipation. Circuit
simulations and measurements confirming the theoretical results are reported in this
chapter as well. Conclusions and ideas for future research are presented in Chapter
5. Finally, in the last part of this thesis a collection of the original manuscripts of
the appended papers are enclosed.
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Chapter 2

Introduction

In this chapter a brief discussion of transceiver architectures is made to highlight
the importance of oscillators in communication systems. The second part of the
chapter is focused on fundamental properties of resonator based oscillators. The
performance and design issues of integrated VCOs are being pointed out. A short
review over existing theoretical models for phase noise in electrical oscillators is
also reported.

2.1 Wireless Communications

Historically, wireless communication was born in 1901 when Guglielmo Marconi
successfully transmitted radio signals across the Atlantic Ocean [11]. In recent
years, wireless systems have grown rapidly primary motivated by developments
and efficient usage of digital signal processing and low-cost technologies enabling
mixed circuit implementations on the same die [12]. The result of technology ad-
vances and the possibility of integrating analog and digital circuits on a single chip,
have drawn much attention among researcher to bring the analog-to-digital inter-
face closer to the antenna [13]. The following sections focus on two specific receiver
architectures, namely the heterodyne and the homodyne receiver, as they are the
most popular configurations used in commercial radio transceivers [14]. The draw-
backs and advantages for monolithic integration of the analog radio front-end are
discussed, while baseband processing and modulation techniques are not considered
here.

2.1.1 Heterodyne Receiver Architecture

The heterodyne receiver architecture, depicted in Fig. 2.1, was first invented by
Edwin H. Armstrong in 1918 and is still widely used in communication standards
such as WCDMA, global system for mobile communication (GSM), Bluetooth and

9
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Figure 2.1: A simplified overview of a heterodyne receiver.

High Performance Radio LAN (HiperLAN) [15, 16, 17]. The RF signal is picked
up by the antenna and bandpass filtered to remove the unwanted and out-of-band
interference before processed through a low noise amplifier (LNA). The LNA has
a great impact on the sensitivity of the receiver and is normally one of the sub-
circuits that requires much attention for reduction of its noise [18, 19]. Impedance
matching of both inputs and outputs of the LNA is required to reduce the noise
and to guarantee maximum transferred power efficiency [20, 21, 22]. After the
amplification, the RF signal may again be passed through a second band-pass
filter, called an image rejection filter. The main purpose of this filter is to reject
the image frequency and improve the signal-to-noise ratio (SNR) by reducing out-
of-band noise [11]. Due to the required high selectivity and absence of high quality
on-chip passive components the filter is usually placed off-chip. Next, the amplified
RF signal is down-converted to an intermediate frequency (IF) by the mixer. The
local oscillator (LO) generates the reference frequency necessary for the mixer.
The frequency of the LO is tuned to select the desired radio channel by using a
frequency synthesizer (FS). The IF signal is once again filtered to pass a specific
frequency by using a channel select filter, which is usually realized as an off-chip
component. The channel select filter suppresses interference from adjacent channels
and spurious caused by nonlinearities in the previous circuits [11]. Finally, before
signal processing is accomplished in the digital domain by a demodulator (DEM),
a variable gain amplifier (VGA) is used for compensation of the losses.

The main advantages with the heterodyne architecture is its high selectivity
and sensitivity [23]. However, there are some drawbacks with this topology. The
low level of integration due to the rather complex off-chip filters increases the cost
and reduces the flexibility of the receiver. Using off-chip components, especially
at high-frequencies, usually results in tighter design constraints and higher power
dissipation [14].
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2.1.2 Homodyne Receiver

Although the ideas of homodyne receivers were already discussed in conjunction
with the heterodyne architecture, the practical implementation had to await for
the technological improvements of digital signal processing [24]. The main idea of
a homodyne receiver is to directly down-convert the RF signal to the baseband,
therefore, this structure is also known as zero-IF or direct-conversion receiver. This
implies that the LO frequency has to be the same as the carrier signal. The basic
block diagram of a direct conversion architecture is depicted in Fig. 2.2. Due to a
zero IF the problem of image frequencies is avoided and, therefore, there is no need
for complex off-chip filters [11]. In comparison with the heterodyne receiver, it is
possible to replace the image rejection filter with a quadrature mixer. Furthermore,
this technique provides the advantage of reduced power dissipation in the LNA,
since it does not need to drive an off-chip low impedance load. The channel select
filter is also replaced by an integrated low pass filter (LPF) that offers a sharp
cut-off frequency. However, this structure requires very accurate quadrature LO
signals, I and Q, for multiplication in the mixer.

The increased level of integration, low power dissipation and low cost features
of the homodyne receiver comes at the cost of several serious issues. The noise of
the LO and mixers are directly translated to the baseband signal information. An
even more severe issue is the unwanted DC-offset that appears in the mixer due to
the parasitic crosstalk between the LO and RF signals (often called ”LO leakage”)
[11]. Good quadrature accuracy in on-chip LO is difficult to achieve and may also
produce additional DC-offset. Low frequency noise (1/f noise) and non-linearities
of the mixer is yet another problem. Innovative circuit techniques are shown to
reduce the effect of 1/f noise [25]. The LO leakage is shown to be reduced by
running the LO at twice the frequency of the RF input signal [14]. The research on
quadrature oscillators has been dominated by methods and design techniques for
achieving highly accurate quadrature signals [26, 27, 28, 29, 30, 31].

2.1.3 Frequency Synthesizers

As discussed in the previous sections, the LO is one of the key components in any
transceiver architecture. Usually, a communication standard divides the frequency
band that is used for transmission and reception into several narrower bands or
channels. In order to generate an accurate phase or frequency, used for modulation
or demodulation, the output phase of the VCO is locked to an external frequency
(running at a few MHz). There are a number of topologies that may be used for
controlling the output frequency [23, 32, 33, 34]. Perhaps, the integer-N frequency
synthesizers are the most commonly employed for frequency synthesis due to their
simplicity. The concept of the control loop in Fig. 2.3 may be described by con-
sidering the VCO output signal of frequency (fosc). This signal is divided by a
programmable digital counter to much lower frequency that is comparable with the
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reference frequency (fref). fref is generated by an off-chip crystal oscillator with very
high precision and low noise.

The phase of the divided signal is then compared to fref by a phase-frequency
detector (PFD). The output signals of the PFD controls a charge-pump (QP) circuit
that in turn either delivers or drains charges to a loop filter (LF). The signal at the
filter output (Vc) is an error signal which represents the difference between the phase
and frequency of fref and the divided signal (fdiv) and is used to control the VCOs
output such that the signal fosc/N equals fref. Because the output frequency of the
integer-N structure only may be changed in integer steps, the reference frequency
should be equal to the channel spacing of the communication standard. Except
for the VCO, the prescaler or frequency counters in the loop are challenging high
frequency circuits [35, 36, 37, 38, 39]. The power dissipation and noise performance
of these circuits may play a crucial role in the entire performance of the FS. The
LF may either be an active or passive integrated or off-chip passive network, and

PFD QP LF VCO

Low Frequency Region

Divider

High Frequency Region

Iamp
UP

DN

Vc fosc

fdiv

fref

Figure 2.3: A simplified block diagram overview of a frequency synthesizer.
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mainly sets the bandwidth of the feedback loop. The bandwidth of the loop sets
an upper limit on the time response of the synthesizer to frequency changes in the
input as well as the noise performance of the FS. Although the PFD and QP units
are low frequency blocks, their nonlinearities and noise have a significant impact
on the phase noise and settling time behavior of the system [40]. These limitations
may be traded against higher complexity on a chip level by utilizing other more
advanced frequency synthesis techniques such as fractional-N architectures [34, 41].
The following sections presents the basics of the high frequency VCOs.

2.2 Oscillator Basics

An electrical oscillator generates a periodically time-varying output signal from DC
power. There are various forms of oscillator implementations; ring oscillators, LC
tuned oscillators, crystal oscillators, relaxation oscillators etc. [42, 43]. Inductor-
capacitor resonant (LC-tank) based oscillators are the most popular configurations
in RF transceivers due to their relatively good performance. Therefore, our dis-
cussion will strictly be concentrated on LC-tank tuned oscillators with a periodic
sinusoidal output signal.

A good starting point to understand LC-oscillators is an introduction to the LC-
resonators. Integrated and discrete resonators suffer from ohmic losses, originating
from the material used for realization of the components. As shown in Fig. 2.4(a),
the tank loss introduced by the inductor (L), the capacitor (C), may be lumped
into a parallel resistor RT

1 with the equivalent inductance (Lp) and capacitance
(Cp) [42], as depicted in Fig. 2.4(b). Ideally, RT is an infinite resistance while in
integrated technologies it is limited to a few hundred of ohms. When energy is
injected into the system, the LC-resonator circuit is capable of transferring that
energy back and forth between its reactive components, i.e. the capacitance and
inductance. The reactive elements store the energy for one half cycle, while releasing
it in the next half cycle.

Considering the case of a finite tank resistance, the oscillation starts up and
after a short time it eventually dies out due to the presence of RT that consumes
the energy. This introduces the most important parameter of an LC-tank, which is
its quality factor (Q). Fundamentally, Q is defined as [44]:

Q = 2πf0

Energy Stored

Average Power Dissipated
, (2.1)

where f0 is the resonance frequency. The definition from (2.1) is not bound to
any specific structure because there is no information about what and where the
energy is stored and dissipated from the definition. A more useful approach for the
LC-tank Q is found by performing an AC analysis and extract Q as [11]:

1Perhaps Rp is a more common abbreviation found in literature. However, following current
praxis RT is used instead, where T stands for Tank.
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Figure 2.4: (a) Equivalent series losses of the reactive elements, (b) Impedance
transformation to a single equivalent parallel resistance representing the losses of
the LC-tank.

Q =
f0

2∆f-3dB
, (2.2)

where 2∆f−3dB is the -3dB bandwidth. Thus, for a fixed f0, Q increases as the -3dB
bandwidth decreases, corresponding to a sharpening of the peak in the magnitude
response.

Due to the losses and limitations in the reactive elements, practical oscillators
need some sort of self-sustaining mechanism to ensure that they continue to generate
these periodic signals for an indefinite period of time. The basic operation of these
oscillators involves an amplifier with feedback from its output to its input. Thus,
the periodic signal sustains and regenerates itself from one cycle to the other.

A useful way of understanding the operation of an oscillator is to consider the
one-port model in Fig. 2.5(a) at resonance. The frequency selective network may
be approximated by a simple parallel RLC circuit with an equivalent loss modelled
by RT , as depicted in Fig. 2.5(b). The active circuit compensates for this loss by
providing a negative resistance (−RT ) of equal magnitude to the equivalent parallel
resistance of the resonator. Thus, from an operational point of view, RT is cancelled
out and it appears as a lossless network. The oscillator can now sustain an output
signal of constant amplitude.

2.2.1 Integrated Inductors

During the past decade, most practical implementation of high performance trans-
ceivers employed off-chip passive elements due to their relatively high Q [45, 46].
However, aiming at a fully integrated transceiver solution, the resonator is imple-
mented on-chip. Typical values of a standard available on-chip inductor are in
the range of a few nH with a Q ranging from 2-10 (for frequencies below 6GHz),
depending on the technology and operating frequency. As the process technol-
ogy improves and the number of metal layers is increased the Q of the passives
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Figure 2.5: (a) One-port view of an oscillator, (b) Equivalent schematic of the
oscillator with active compensation.

is generally improved. Today, in some modern and expensive processes it is pos-
sible to design high Q inductors using copper instead of aluminum or even using
micro-electro-mechanical system (MEMS) inductors and capacitors [47, 48, 49].

The inductor is by far the most essential component in an LC-tank oscillator,
since its Q affects the phase noise performance and determines the power dissipa-
tion, as it will be discussed in the following sections. Planar inductors are widely
implemented due to their flat Q and the ease of fabrication in standard processes
in spite of their large on-chip area. The area of an on-chip inductor can span up to
hundreds of µm across and does not scale down with the technology. Aside from
a large area another more challenging problem is to accurately model the losses of
the inductor. Integrated inductors are usually described by an equivalent circuit,
e.g. a lumped RLC network, so as to represent the electrical performance for circuit
simulations. This is a complicated task, since the precise description of an on-chip

L R

CC C

C
R

s s

pox ox

sub R
sub

sub Csub

Figure 2.6: Basic π-model of an integrated inductor.
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inductor’s electrical and magnetic properties involves many parameters such as the
substrate resistance and capacitance. The central point of modelling an inductor is
how to simulate its energy dissipation changes with the operating frequency. Fig-
ure 2.6 shows a lumped π-model for an integrated inductor. Ls describes the series
inductance and Rs models the series resistance of the metal layer used. Cp models
the interwinding capacitance between the traces. In silicon technology the fairly
conductive substrate is close to the spiral, which is essentially creating a parallel
plate capacitor (Cox) that resonates with the inductor. Rsub model the resistive
path in the substrate which also reduces the Q of the inductor. Csub models the
capacitive coupling from metal to substrate which reduces the resonant frequency
of the inductor.

Usually, software tools (e.g. ASITIC [50], Agilent ADS and SONNET) are
used for optimization and prediction of the performance of inductors. These tools
are based on algorithms that take two main effects into account. First, the eddy
currents induced by the changes in the magnetic field from the oscillating current
in the inductor which flow in the opposite direction in the substrate. This effect
reduces the effective inductance and increases the effective series resistance, thereby,
reducing the Q. Second, the skin effect, which forces the current in the inductor
to flow on the outside of the spiral. This makes the inner turns of the spiral less
effective than the outer turns and the effective series resistance is increased.

A great deal of research in analog/RF integrated circuit (IC) design is dedicated
to design and modelling of on-chip resonators, of which [50, 51, 52, 53, 54, 55,
56] are of great importance. As an example, a pattern ground-shield has been
shown to improve the Q of the inductor, since it reduces the capacitive coupling
to the lossy substrate [52]. This technique also reduces the noise coupled from the
substrate at the penalty of reduction of the self resonant frequency of the inductor.
Today, such inductors are common in standard available design kits provided by
the manufacturers. However, despite these efforts, the inductor Q is still one of
the main uncertain parameters in RF circuit design and in many cases the major
bottleneck of entire systems. These limitations play a crucial role in the design of
integrated oscillators, as it will be discussed in the following sections.

2.2.2 Frequency Tuning

The frequency of oscillation may be varied by adding a variable voltage dependent
capacitor (varactor) in the resonator. The capacitance of the varactor is changed
by varying an external DC voltage which is applied to the varactor. Thus, the oscil-
lation frequency of the oscillator can be selected by changing the natural frequency
of oscillation in the resonator. In standard VLSI processes, the varactor can be a
MOS capacitance or a p-n junction capacitance of a reverse biased diode. Typical
capacitance characteristics of such varactors are shown in Fig. 2.7. The features
of these types of varactors are well-known [57, 58]. The Q of varactors are also an
essential part of the resonator and generally the MOS varactors Q improves with
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device scaling and offer a decent Q with respect to their relatively large capacitance
variations. One disadvantage of LC-based VCOs is their limited tuning range, typ-
ically 10%. The varactors which are used to vary the frequency of oscillation have
a limited range of values over which their capacitance can be changed. The capac-
itance of a varactor cannot change without bounds since, the range of values of the
control voltage is limited by the available supply voltage and physical parameters
such as brake-down voltages. Therefore, whenever the tuning provided by the var-
actors is not sufficient, other tuning mechanism are utilized. One technique is to
use digitally controlled fixed capacitors that in combination with the varactors can
cover a larger frequency range [59, 60], as conceptually shown in Fig. 2.8. However,
several issues complicate the design of such oscillators, as it will be discussed in
Chapter 3.
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Figure 2.8: Discrete tuning technique used for coarse tuning.
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2.2.3 Power Dissipation and Oscillation Amplitude

As mentioned in previous sections, the Q of the resonator has a strong impact on the
main performance parameters of the oscillator, namely the output amplitude and
power dissipation. The oscillation amplitude is proportional to the impedance of
the LC-tank at resonance and the current generated by the actives that is injected
into the resonator [61]. The voltage amplitude of oscillation for a given power
dissipation is to a large extent dependent on the circuit topology and efficiency. In
any application, there is a specification for the maximum allowable supply voltage
and current consumption. Generally, it is of great interest to achieve high oscillation
amplitude, since the oscillator drives other circuits, such as frequency dividers,
up/down conversion mixer etc., whose linearity and noise contributions are strongly
dependent on their input levels.

In a practical design, an oscillator is designed to generate a voltage envelope
that is typically between half and rail-to-rail swing with respect to the supply
voltage. The amount of power needed to achieve such amplitude in an oscillator is,
therefore, very dependent on the tank Q. The most impressive low power oscillators
in the literature employs off-chip resonators (mainly inductors) that offer typically
ten times higher Q compared to integrated solutions [62]. In order to control the
power dissipation of an oscillator, bias circuitries are added to the circuit which
are temperature stable and may limit the current consumption and prevent serious
failure.

2.3 Phase Noise

Practical oscillators are composed of both passive and active components which
introduce noise in the system. The noise of these components take various forms
including shot noise, flicker noise and thermal noise [43]. When this noise is su-
perimposed on the output periodic signal of the oscillator, it leads to a random
variation in the output signal’s amplitude and frequency. These random variations
in the frequency of oscillation can also be regarded as random changes in the posi-
tion of the zero crossings or phase of the oscillator signal. In this regard, the noise is
referred to as phase noise. Generally oscillators have some amplitude control mech-
anism which prevents the amplitude of oscillation from increasing without bounds,
thereby, the amplitude noise component is almost removed by the oscillator and is
not as significant. On the other hand, phase noise is a serious concern because it
cannot be removed by the oscillator. Thus, it degrades the signal to noise ratio and
the integrity of data transmission.

From a frequency domain perspective, the existence of phase noise in oscilla-
tors implies that their output signals contain significant energy at other frequencies
than the desired fundamental frequency. Considering the output signal of an ideal
sinusoidal oscillator shown in Fig. 2.9(a) operating at a frequency, f0, the shape of
the spectrum is characterized as an impulse. However, in any practical oscillator,
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the spectrum has power distributed around the desired oscillation frequency, in
addition to power located at harmonic frequencies. This undesired power distribu-
tion around the oscillation frequency is known as phase noise, and is illustrated in
Fig. 2.9(b).

Phase noise is expressed as the ratio of power at a particular offset frequency
(∆ω) from the carrier to the power at the center frequency. This power is mea-
sured in a unit bandwidth at a certain ∆ω, which is defined by the communication
standard. Due to this definition, the phase noise is expressed as decibels below the
carrier per hertz (dBc/Hz). The oscillator phase noise (L(∆ω)) is mathematically
defined as:

L(∆ω) = 10 log

(

Psideband(ω0 + ∆ω, 1Hz)

Pc

)

, (2.3)

where Pc is the power in the fundamental carrier ω0 and Psideband is the power
distributed around the carrier. From this simple relation, we may already conclude
that phase noise may be reduced by increasing Pc, at the cost of an increased power
consumption.
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Figure 2.9: Frequency spectrum of (a) an ideal oscillator, (b) a practical oscillator.

2.3.1 Review of Leeson’s Phase Noise Model

Phase noise in oscillators has long been the subject of theoretical and experimental
investigation. It is possible to analyze phase noise either in the frequency domain
or in the time domain. Both analysis are equivalent due to the duality between
the frequency and time domains. An asymptotic view of single-sideband phase
noise in frequency domain is illustrated in Fig. 2.10. Three main regions exists,
the close-in phase noise to the carrier is called the 1/f3 region and roles off with
-30dBc/decade. The 1/f3 region is known to be related to the up-converted 1/f
noise to phase noise [10]. The second part, which is normally dominating the phase
noise spectra is called the 1/f2 region. Finally, at large frequency offsets from the
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Figure 2.10: Conceptual view of single-sideband phase noise.

carrier the phase noise is flat due to thermal noise. An early semi-empirical phase
noise model was proposed by Leeson in 1966 that quantitatively describes the phase
noise spectrum as [63]:

L(∆ω) = 10 log

[

2kBTF

Pc
·
(

1 +

(

ω0

2Q∆ω

)2)

·
(

1 +
∆ω1/f3

| ∆ω |

)]

, (2.4)

where kB is the Boltzmann constant, T is the absolute temperature, ∆ω1/f3 is the
corner angular frequency between 1/f3 and 1/f2 as shown Fig. 2.10, and F is a
fitting parameter describing the noise of the circuit.

Leeson’s model of oscillator phase noise was based on viewing an oscillator as a
time-invariant system. Properties of the oscillator such as signal power, resonator
Q, and noise factor, which do not vary with time, are used to obtain an estimation
of phase noise. In summary this model shows that the dominating phase noise in
the 1/f2 region is improved by increasing tank Q or Pc. The main bottleneck of
the Leeson model is the lack of knowledge about the constant of proportionality
F , which Leeson leaves as an unspecified noise factor that strongly depends on the
oscillator topology.
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Over the years there have been a large number of attempts for analysis of
phase noise which has resulted in various expressions of the Leeson classic formula
[9, 64, 65, 66]. The most successful attempt was proposed by Rael and Abidi [67],
where the unspecified noise factor in Leesons heuristics derivation, for a popular
current steered LC-tank topology were specified as a function of circuit parame-
ters. Based on the definition of the noise factor in [67], Hegazi [8] showed a filtering
technique to remove the high-frequency noise, thereby, reducing the phase noise
considerably. However, Raels description of phase noise did not completely de-
scribe the physical phenomena of noise to phase noise conversion, since they also
neglected the time-variant nature of the oscillator. Several other effects have also
been identified as significant issues, such as the amplitude-modulation to phase-
modulation (AM-to-PM) due to the nonlinearities of varactors in VCOs [68], the
modulation effect of the tail capacitance [69], the modulation of bias point [70] and
other mechanisms. Another notable issue is that all these unwanted effects seem to
have different weights in different implementations and are strongly depend on the
oscillator topology.

2.3.2 Review of a Linear Time-Variant Phase Noise Model

Despite the lack of completeness concerning the noise factor in the Leeson model,
after 40 years of evolution in oscillator design, it still remains the predominant view
of oscillator phase noise. More recent developments, reported in 1998 by Hajimiri
and Lee [10, 71, 72], have explicitly proven the importance of incorporating the time-
varying nature of oscillators phase noise. The essential and key idea in this linear
time-variant (LTV) approach is the introduction of a sensitivity function called
Impulse Sensitive Function (ISF with symbol Γ). In [10], it was shown that the
impact of stationary and cyclo-stationary noise sources on phase noise conversion
varies across the oscillation period, and the ISF quantitatively represents these
effects.

As a demonstration for time-variance in oscillators, consider an ideal noiseless
LC-tank in isolation, shown in Fig. 2.11. Assuming that some energy has been
injected into the system, the energy will iterate between the inductor and the
capacitor respectively, thereby, producing a sinusoidal waveform as depicted by the
solid lines in Fig. 2.11. In presence of noise, who’s impact is graphically illustrated
by the dashed lines in Fig. 2.11, sudden changes in the waveform response are
observed if two impulsive noise (δ(t− τ)) events with equal amplitude are injected
into the tank at different time instance (τ) during the oscillation cycle. The current
impulse causes a charge displacement ∆Q across the capacitance C. Consequently,
a change of network voltage occurs and is added to the signal according to:

∆V =
∆Q

C
. (2.5)

The two extreme cases, shown in Fig. 2.11, highlights the time dependent mech-
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Figure 2.11: Impulse response of an isolated LC-tank.

anism of noise to phase noise conversion. In the first case, the current impulse is
injected at the maximum or minimum value of the oscillation signal (Vmax). In
this case, only the amplitude of oscillation responds immediately while the phase
remains unchanged. However, in the second case, when the current impulse is
injected near the zero-crossing in the waveform, a much more significant impact
emerges as the phase of the signal is shifted in time while no effect is observed on
the amplitude. This very simple example illustrates that the noise-to-phase trans-
fer is in fact a time-variant function. If a certain amount of disturbance produces
a certain amount of excess phase, doubling the injected noise is expected to pro-
duce doubling amount of phase disturbance. Linearity is, therefore, assumed to be
reasonable as far as the noise-to-phase transfer function is considered [10]. Due to
linearity, the impulse response completely characterizes the system. The introduced
phase shift caused by the injected current impulse produces a step change in phase
and the impulse response may be given by [10]:

hφ(t, τ) = Γ(ω0τ)
u(t − τ)

qmax
. (2.6)

where u(t) is the unit step function, Γ is the ISF and qmax is the maximum charge
swing across the equivalent capacitance. The ISF is a dimensionless, frequency
and amplitude independent periodic function which contains information about the
sensitivity of the oscillator to disturbances. In the LC-tank example from Fig. 2.11,
the ISF has its maximum value near the zero crossing of oscillation, and a zero value
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at the peak level of the oscillation waveform.
Due to the assumption of linearity the output excess phase induced by a noise

current i(τ) may be calculated according to [10]:

φ(t) =
1

qmax

∫ t

−∞

Γ(ω0τ)i(τ)dτ, (2.7)

where the amplitude of the impulse response is represented by the ISF and qmax =
CVmax.

The approach described above, can be applied to any given node or component in
an oscillator in steady-state, to collect the impulse response describing its sensitivity
to noise. Repeated time-domain simulations are needed for correct estimation of
the ISF. Therefore, the event of impulse injections should be occurring at different
time instants for one oscillation period ( 0≤ ω0t <2π). The result gathered by the
introduced impulse energy is then compared to the undisturbed oscillation in order
to estimate the amount of phase shift introduced in the system. By injecting the
same amount of charge, at different time locations, across the oscillation period and
measuring the phase difference at the time of each zero-crossing, a step function
of height φ is achieved. This definition helps us to define the output signal of the
oscillator as:

Vout(t) = Vmaxsin(ω0t + φ(t)), (2.8)

where φ(t) = 0 for a noiseless oscillator.
Although the exact extraction of the ISF is a very time consuming task, it

precisely quantifies the phase change that is observed in the oscillation in presence
of a disturbance. Continuing with the phase noise analysis, we may expand the ISF
into a Fourier series, since it is a period function, according to:

Γ(ω0τ) = c0 +

∞
∑

n=1

cn · cos (nω0τ + θn), (2.9)

where cn coefficients are real-valued, c0 is the DC coefficient of the ISF and θn is
the phase of the n:th harmonic. θn will be ignored for simplicity in following with
the assumption that noise components are uncorrelated, so that their relative phase
is irrelevant. Imagine now that a noise current component whose frequency is near
an integer multiple (n) of the oscillation frequency has the form of:

i(t) = In cos [(nω0 + ∆ω)t], (2.10)

where ∆ω ≪ nω0. Substituting (2.9) and (2.10) into (2.7) yields:

φ(t) =
1

qmax

∫ t

−∞

(

c0 +

∞
∑

n=1

cn · cos (nω0τ)

)

· In cos (nω0 + ∆ω)τdτ ≈



24 CHAPTER 2. INTRODUCTION

1∆f
∆ω

ω

f

S  (ω)φ

PM

in

_
Noise

__

ω0 ω0 ω02 3

∆ω ∆ω

∆ω

ω0

ω

ω

S  (ω)
v

2
__

(ω)

c0

c1
c2 c3

∆ω

Figure 2.12: Conversion of noise source to phase fluctuations and phase noise side-
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≈ Incn sin (∆ωt)

2qmax∆ω
, (2.11)

valid for n6= 0, and for n = 0 the φ(t) becomes:

φ(t) ≈ I0c0 sin (∆ωt)

qmax∆ω
. (2.12)

The result from (2.11) and (2.12), illustrated graphically in Fig. 2.12, may be
interpreted as; noise close to integer multiple of oscillation frequency (nω0 + ∆ω)
will cause two equal sidebands at ±∆ω. These sidebands are weighted by the cn

terms of the ISF and converted into excess phase. Having this knowledge, we may
convert the excess phase φ(t) to the more valuable information in terms of output
voltage, by using (2.8), according to:

sin(ω0t + φ(t)) = sin(ω0t) cos(φ(t)) + cos(ω0t) sin(φ(t)) ≈ sin(ω0t) + φ(t) cos(ω0t),
(2.13)

where the approximation is valid for small values of φ(t). Considering the fact that
the injected noise results in two equal power sidebands symmetrically disposed



2.3. PHASE NOISE 25

around the carrier, the noise power relative to the carrier may be calculated from
(2.11) and (2.13) as [10]:

PdBc(∆ω) = 10 log

(

Incn

4qmax∆ω

)2

, (2.14)

where In is the amplitude of the noise component and should be converted into a
root mean square (rms) value when considering a stochastic noise source. Finally,
by using (2.14) and collecting all the noise contributions across the frequency band,
the total phase noise becomes:

PdBc(∆ω) = 10 log
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·
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n=0
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. (2.15)

where i2n /∆f is the total mean square noise current spectral density per hertz. It
is clear from (2.15) that minimizing the various coefficients cn will minimize the
phase noise. An important aspect should be noted here; minimization of cn implies
that the ISF should be minimized as well. To underscore this point, Parseval’s
theorem allows us to write:

∞
∑

n=0

c2
n =

1

π

∫ 2π

0

| Γ(x) |2 dx = 2Γ2
rms, (2.16)

where Γ2
rms is the squared root-mean-square (rms) value of the ISF. It is now

straightforward to express the phase noise in the 1/f2 region, by combining (2.16)
and (2.15), as:

L(∆ω) = 10 log









i2n
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rms

2q2
max∆ω2









. (2.17)

Consequently, if all terms in (2.17) are held fixed, reducing Γrms will improve the
phase noise at all frequencies.

Until now the analysis has been based on noise sources that are stationary.
This is of course only true for some noise sources in an oscillator, such as the tank
thermal noise originating from RT . However, the noise from the active devices in an
oscillator is not stationary, since the bias conditions of the transistors varies with
the oscillation signal. In these cases the noise originating from devices is cyclo-
stationary [73, 74]. Therefore, [10] defines an effective ISF (Γeff) that both contains
the stationary and the time duration of the presence of the noise source according
to:

Γeff(φ) = Γ(φ) · α(φ) (2.18)
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where α(φ) carries the periodic information of the noise. In presence of cyclo-
stationary noise sources (2.17) is still valid, with the modification of replacing Γ2

rms
with Γ2

eff,rms. A more thoroughly analysis on cyclo-stationary noise sources is found

in Chapter 4.

2.3.3 Discussions and Comments on the LTV Model

A few remarks and comments may be made upon the LTV model presented in the
previous section. First, we start by summarizing the interesting conclusions that
may be drawn as a circuit designer:

• Noise near integer multiples of the carrier frequency is up- and down converted
into close-in phase noise.

• The various ISF coefficients (cn) should be minimized in order to reduce the
conversion of noise to phase noise at all frequencies. A key parameter here is
c0 which is strongly correlated to the up-conversion of 1/f noise.

• By introducing the ISF theory it may be concluded that waveform symmetry,
i.e. having equal rise and fall time along with 50% duty cycle, is of great
importance for minimization of noise to phase noise conversion.

• The same conclusion as in the case of the Leeson model still holds; the oscil-
lation amplitude (qmax = CeqVmax) should be maximized for improvements
of phase noise, i.e. the resonator Q should be maximized for a given power
consumption.

While the LTV phase noise model is the most accurate method reported for
prediction of phase noise in electrical oscillators, it is not very straightforward to
implement in practice. The difficulty lies in the calculation of the ISF, which is
a very time consuming task where unfortunately only numerical expressions are
obtained. However, for a short period this was the only way of calculating phase
noise in a rigorous way. The advent of spectreRF, and similar RF simulators, soon
displaced the ISF as a simulation tool. As with any mathematical phase noise
model, the important utility is to improve the understanding of noise and apply
that knowledge to practical implementations. Due to the numerical approaches
and computational complexity in the LTV theory, most designers avoid using this
model. As a result, so far calculations for the phase noise in oscillators has been
limited to fully or partially numerical results, including Hajimiri and Lee [61].
As it will be shown in Chapter 4, it is possible to avoid the numerical approach
by using the definitions of the ISF theory as the basis for closed-form symbolic
expressions of phase noise in oscillators. Utilizing that approach, we may compare
the theoretical minimum phase noise performance of different topologies and also
get an excellent insight on how to minimize phase noise as a function of circuit
design related parameters.
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2.4 CMOS VCO Topologies

This section focus on two popular current-steered differential LC-tank VCOs. Among
the large number of existing VCO topologies, the single-switch VCO (SS-VCO) and
the double-switch VCO (DS-VCO), are shown to be very good candidates in RF
transceivers [75, 76]. Figure 2.13 shows the simplified circuit schematic of both
circuits. They both share the basic concept of providing a negative resistance to
cancel out the losses in the resonator. The negative transconductance of the actives
in both topologies is set by the bias conditions and the transistor dimensions of the
cross-coupled pair(s). For a given Q it is possible to vary the oscillation amplitude
by changing the negative resistance. This is an extremely important feature, since
the phase noise performance is strongly dependent on the oscillation amplitude.
For these reasons it is desirable to have control of the negative resistance. This
may be achieved by limiting the supply current, by means of a tail current source
(transistor M3 in Fig. 2.13(a) and (b)). The addition of a tail current source has
several effects on the behavior of the VCO. The tail current reduces the voltage
headroom available for oscillation, which sets a limit for the minimum voltage sup-
ply. One other more significant issue is the up-conversion of 1/f and thermal noise
to phase noise, which is strongly affected by the presence of the tail current source
[8, 67, 75]. In many high performance designs a noise filter [8, 77] is added or the
tail current source is completely removed [69] to lower the phase noise. This comes
at the cost of an increased sensitivity to supply voltage variations as well as loosing
the control of the current consumption.

The main differences between the SS-VCO and the DS-VCO are in the oscilla-
tion amplitude and the placement of the LC-tank. In the SS-VCO two integrated
inductors or a single center-tapped differential inductor may be employed. The
number of integrated inductors may be reduced to a single center-tapped, due to
the presence of the PMOS cross-coupled pair in the DS-VCO. The parasitic ca-
pacitances of the gate-to-source region (Cgs) and the gate-to-drain region (Cgd),
originating from the transconductor cell are larger in the DS-VCO than in the
SS-VCO. The important effect of these parasitic capacitances is the reduction in
tuning range and maximum oscillation frequency. The oscillation amplitude of the
DS-VCO is well-known to be theoretically twice as large as in the SS-VCO, when
identical resonators and equal current consumption are used [75]. Thus, antici-
pating lower phase noise performance in the DS-VCO compared to the SS-VCO.
However, the minimum supply voltage in the DS-VCO is larger than in the SS-VCO,
due to the additional stacking of the PMOS pair. The DS-VCO has been shown
to be advantageous for reducing the up-conversion of 1/f noise from the transcon-
ductance cell into near-carrier phase noise [75]. This is very important in CMOS
oscillator design, since, MOS transistors typically have higher 1/f noise corner than
their bipolar junction transistors (BJTs) counterparts [43]. Chapter 3 investigates
the possible usage of these topologies in wide-band implementations. In Chapter 4,
more detailed investigations and analysis on the phase noise performance of these



28 CHAPTER 2. INTRODUCTION

P2

M1

L

M2

Cvar

V
b M3

Vtune

P1

M1

L

M2

Cvar

L

V
b M3

Vtune

VDD

VDD

(a) (b)

Figure 2.13: Simplified circuits schematic of (a) the SS-VCO and (b) the DS-VCO.

topologies are presented.

2.4.1 Figure of Merit

Oscillator design is widely varied in terms of design criteria, technology and param-
eters, therefore, it is difficult to assess their performance in a comparative manner.
However, most oscillator designers usually report a Figure of Merit (FoM) value
for their specific design. Ranking a design by means of a FoM allows the designer
to assess whether his design belongs to the state-of-the-art class or hangs at the
bottom. Benchmark FoMs normalize the performance of an oscillator to allow a
fair comparison with other oscillator designs, independently of the technology used.
There are a number of formulations for ranking the performance of an oscillator. In
some published work, a FoM that is weighted in favor for a wide-band or a very high
frequency oscillator is used, while others only focus on the phase noise and power
dissipation performance. The most commonly used FoM in the RF community is
[78]:

FoM = L(∆ω) + 20 log

(

ω0

∆ω

)

− 10 log

(

Pdiss

1 mW

)

, (2.19)

where Pdiss is the DC power dissipated in the oscillator. This FoM expression
highlights the most difficult challenges in an oscillator design, which is to achieve a
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low phase noise at high frequencies while consuming minimal power. Throughout
the remaining part of this work (2.19) will frequently be used for comparison of
performance among different oscillator topologies.

2.5 Chapter Summary

The fundamental properties and features of LC-resonator based oscillators have
been briefly introduced in this chapter. The overview started by the basic com-
ponents, such as varactors and integrated inductors in oscillators. The main and
general design issues and concerns in integrated oscillators were pointed out, pro-
viding an overview of related research in this area. The chapter was finalized with
description and definition of phase noise in oscillators along with methods and mod-
els for its prediction. A brief overview of the LTV-theory was introduced, which
serves as the background theory to the proposed theoretical approach for analysis
of phase noise in different oscillator topologies, as described in Chapter 4.
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Chapter 3

Design of Wide-Band
Multi-Phase CMOS VCOs

The variety of communication systems existing today, with their different appli-
cations, coverage areas, data rates etc., raise the question about the possibility
of having multi-standard transceivers that are capable of operating in a wide fre-
quency band. This chapter is focused on VCOs for such systems, where wide-band
and multi-standard implementation aspects for RF front-ends are investigated. For
demonstration purpose of the issues involved, the design of a wide-band CMOS
VCO is described. Circuit solutions for multi-GHz operation are reported. Further,
design aspects of quadrature generators for wide-band applications are discussed,
where an improved quadrature VCO (QVCO) is suggested.

3.1 Narrow-Band Versus Wide-Band VCO Design

In this section the main design challenges and differences between wide-band and
narrow-band VCOs are discussed. In narrow-band applications, the resonator of
the VCO is usually optimized to achieve a maximum Q at the desired operation
frequency. This is possible within a limited tuning range for which the inductors
and varactors may achieve their highest Q. The transconductance cell is, thereby,
optimized for a given tuning range, oscillation amplitude and power dissipation.
Careful layout of the resonator and the actives is often the only way to reduce the
resistive losses in a given technology. Further, the symmetry of the layout is very
important in order to sustain the waveform symmetry which plays an important
role in conversion of noise to phase noise, as described in Chapter 2.

In a wide-band design, several of the above mentioned methods for performance
enhancements are not completely possible. First, the tuning range needs to be
much larger than in a narrow-band design. This issue complicates the design of
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the varactors. Varactor nonlinearities and Q variations as a function of the control
voltage cause significant deterioration in phase noise [68, 69]. To keep the phase
noise at an acceptable level, other techniques for tuning need to be employed, which
all have advantages and drawbacks, as it will be described in the next section.
Second, the Q of the inductors is well-known to be very sensitive to the operation
frequency and varies considerably along the tuning range in a wide-band design.
This in turn causes amplitude variations and changes in the biasing conditions of the
actives. Consequently, the optimization of phase noise in terms of power dissipation
becomes a difficult task. Furthermore, the design of the transconductance cell and
the determination of the supply current is not straightforward, since, the startup
conditions for oscillation may vary across the frequency. The objectives of the
following sections are to address these issues and provide some guidelines for wide-
band VCO design.

3.1.1 Wide-Band and Multi-Band Frequency Generation

In a narrow-band oscillator design with a typical tuning range of 10-15%, varactors
with relatively low gain are utilized to ensure low phase noise. When the VCO is
controlled by a FS, the linearity and gain of the varactors strongly affect the per-
formance of the system. Any noise source appearing on the tuning path will cause
variations and changes in both the phase and frequency of the VCO output. There-
fore, a small Cmax/Cmin varactor ratio is preferred to reduce these unwanted effects.
This issue complicates the design of wide-band multi-GHz VCOs. Even if the noise
issues are ignored the design of varactors that are capable of achieving large fre-
quency tuning is a challenging task, especially in low-voltage deep-submicrometer
CMOS processes.

To overcome the issue of noise sensitivity due to the varactor gain it is possible
to divide the wide tuning range into several narrower bands [59, 60]. One possible
approach is to utilize a digitally controlled switched capacitor array (SCA) in com-
bination with varactors that are only used for the fine tuning, as conceptually shown
in Fig. 2.8. The basic concept is to digitally control high Q fixed binary weighted
capacitors that are switched in and out of the resonator and, thereby, changing the
natural frequency. In a differential discrete tuned oscillator, two identical arrays of
switched elements are connected to either VCO output. MOS switches are usually
used to activate and deactivate the capacitors. The switches operate in the triode
region during the on-state, since, their drain-source voltage is much smaller than
the overdrive voltage. A parasitic resistance (rds) may be used as a simple model
for the channel resistance of the MOS switches during their on-state. The off-state
resistance may be approximated to infinity. On the other hand, when switches are
active rds is limited to a few ohms and may be expressed as:

rds =
L

µnCoxW (Vgs − Vth)
, (3.1)
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where µn is the mobility, Cox is the gate oxide capacitance, Vgs is the gate-source
voltage, Vth is the threshold voltage, W and L are the width and length of the
transistor respectively. Using (3.1) the Q of the single-ended switched element
(QSE-SC) is obtained according to:

QSE-SC =
1

ω0 · rds · C
=

µnCoxW (Vgs − Vth)

ω0 · L · C . (3.2)

From (3.2) it is obvious that the QSE-SC is mainly enhanced by using a large width
and minimum gate length in a given technology. However, the parasitic junction
capacitance of the transistors increases with the device dimensions and must be
considered when combined with the fixed capacitor C, setting a practical limit on
the maximum size of W . Therefore, in oscillators using a SCA for coarse tuning,
a direct trade-off exists between the effective Q of the resonator and the parasitic
capacitances added. This trade-off is somewhat relaxed by using a differential SCA
[60], instead of two single-ended SCAs. In Paper I it was shown that the Q of the
differential SCA is doubled compared to a single-ended SCA. Further, the parasitic
off-state capacitance contributions of the MOS switches are significantly reduced in
differential SCAs [60]. The impact and importance of the differential SCA on the
overall performance of a wide-band DS-VCO is demonstrated in Paper I and Paper
III.

Other discrete tuning techniques have also been suggested in the literature.
As an example, band switching varactors may be used instead of fixed switched
capacitors [79]. This technique requires high Q varactors in order to prevent further
degradation in the overall resonator Q. In a standard CMOS process, the Q of the
metal-insulator-metal (MIM) capacitors is normally higher than the one achieved
in varactors. As a result, the most impressive results of wide-band band switching
varactors are achieved in more expensive processes such as Silicon-On-Insulator
(SOI) [80].

It is also possible to employ a combination of switched inductors and capaci-
tors for generating wide-band or multi-band frequencies. In [81, 82] it was shown
that this technique results in somewhat lower power consumption and phase noise
compared to the capacitor switching case. However, this method requires high Q
integrated inductors in several frequency bands. Further, compared to the switched
capacitor technique, the required chip area is significantly increased due to the large
space occupied by on-chip inductors.

An economic solution, concerning chip area, for multi-band generation is to use
frequency division techniques. By running the VCO at twice the frequency band
of interest and using a divide-by-two circuit, it is possible to attain multi-band
features. As an example, in triple-band applications for the IEEE 802.11a/b/g
standard, the tuning range of the VCO may be extended to the double of the
802.11b/g standards. Thereafter, the already existing frequency dividers in a FS
may be used to achieve frequencies for the 802.11b/g standards (see Paper II). By
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using proper divide-by-two circuits it is also possible to obtain accurate quadrature
signals without additional power hungry quadrature generating filters.

3.1.2 Impact of Tank Q Variations

The VCO topologies depicted in Fig. 2.13 may be modified, with the addition of an
SCA, for wide-band applications as demonstrated in Paper I-III. However, in such
implementations several design issues complicate and degraded their performance
compared to a narrow-band design. In a well-designed narrow-band VCO the tank
Q does not vary appreciably over the tuning range. In these cases the negative
transconductor cell is optimized for a given Q, phase noise and power consumption
performance. In wide-band VCOs, the equivalent tank impedance at resonance
changes considerably along the tuning range. Figure 3.1 shows the simulated Q of
a standard available on-chip inductor in a 0.18µm CMOS technology. It is observed
that the Q is linearly increased with the operation frequency. Aiming for a wide-
band VCO operating between 3–6GHz, it is of interest to have the maximum Q
at the highest frequencies, since the phase noise increases with frequency and may
be reduced with the gain in Q. Due to the absence of high and flat Q inductors,
the characteristics of those shown as in Fig. 3.1 is a good option. However, the
variations in Q cause unwanted effects on the output amplitude. For an SS-VCO
working in the current-limited region, i.e. where the oscillation amplitude (Atank)
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Figure 3.1: Simulated Q for a circular 0.45nH on-chip inductor in a 0.18µm CMOS
process.
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is a linear function of Q and the tank current [61], the output amplitude may be
expressed as:

Atank =
2

π
IBRT , (3.3)

where IB is the current in the tank provided by the transconductance cell. As a
consequence, any change in RT is directly mirrored on the output amplitude. This
issue complicates the design of the actives and the startup conditions of the oscil-
lator. A given small-signal transconductance (gm) and startup safety margin, may
not be sufficient over the entire frequency range. Using small W/L ratios for the
cross-coupled pair requires a large IB in the lower frequency bands, while at higher
frequencies with the gain in Q may lead to a waste of power if the oscillator is
working in the voltage-limited regime [61]. Large W/L on the other hand reduces
the tuning range and maximum oscillation frequency due to the parasitic capac-
itances from the cross-coupled pair. Further, these parasitics are nonlinear and
may become a dominant source of noise, since they effect the waveform symmetry.
Generally, for a wide-band VCO that uses fixed IB and gm the phase noise is not
only degraded by variations in Q but also by the changes in Atank and biasing
conditions of the actives, particulary if they operate within their resistive region.
These issues are illustrated in Fig. 3.2, where three case simulations on the phase
noise performance versus IB of the SS-VCO are shown. It is obvious from these
simulations that it is not straightforward to determine a fixed and yet optimal IB
across the entire tuning range.
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One other severe problem due to variations in Atank is the performance degra-
dations of the following stages within a transceiver. In a FS, the output of VCO is
usually directly driving the inputs of the frequency dividers. Their input sensitiv-
ity and functionality relies on the level of Atank. The same issue accounts for the
up/down conversion mixers, whose linearity, noise figure and conversion gain are
strongly dependent on the amplitude of the VCO [44]. Therefore, innovative circuit
solutions are necessary for stabilizing Atank in wide-band applications. Additional
buffering at the outputs of the VCO may be used for limiting the oscillation ampli-
tude. However, the design of such circuits are difficult at high frequencies and they
tend to be very power hungry. An alternative solution is to implement a bank of
switched current mirrors that adjusts the supply current for each specific operation
frequency. However, such solutions require a monitoring unit. In the following sec-
tion a feedback loop is proposed for automatic calibration of the output amplitude
in a wide-band VCO.

3.1.3 Automatic Amplitude Controller

From a practical point of view, amplitude controlling techniques are necessary for
proper functionality of the VCO and neighboring circuits. This is not straightfor-
ward since, such control loops may play a crucial role in terms of power dissipation
and phase noise degradation. Only a few automatic amplitude controller (AAC)
circuits, in bipolar technologies, have been published in the literature on narrow-
band oscillators [83, 84, 85]. A digital CMOS amplitude calibration technique has
also been suggested [86]. The effective role of digital stabilization of the amplitude
comes at the cost of added complexity on the system level. Furthermore, the ro-
bustness in such techniques is sensitive to process uncertainties, such as the tank
Q and its frequency dependency.

In Paper IV a simple and accurate low noise AAC is proposed to ensure a fixed
oscillation amplitude while providing an efficient power usage in terms of phase
noise performance. The basic idea in the proposed solution is to implement an
AAC loop which automatically compensates for the variations in Q by adjusting
the tank current. The presence of an AAC allows for the freedom of using small
device dimensions, while IB is controlled more efficiently in terms of phase noise
and power consumption in all frequency bands. The loop also ensures a fast and
reliable oscillation startup, reducing the uncertainties due to process and tempera-
ture variations. Figure 3.3 shows the simplified schematic of a top current steered
SS-VCO with the proposed AAC loop. The control loop is composed of a simple
peak detector (M2 and M3), R1 in feedback with M4 and R2 which adjusts the
reference current in the current mirror (M5 and Mtail). The voltage reference Vb
sets the initial startup current in the loop and Vref defines the peak amplitude for
which the peak detector turns on. The functionality of the AAC is simple, the peak
detector is initially forced to be off, by means of Vref and the common-mode level
of the VCO. At the startup IB is tuned to a desired value using Vb in combination
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Figure 3.3: Simplified schematic over the wide-band SS-VCO with an AAC.

with R1 and R2. Figure 3.4 shows a typical transient simulation for the acquisition
process of the AAC loop. As the oscillation amplitude grows, M2 and M3 are even-
tually turned on at the peak level of the amplitude, thereby, increasing the voltage
across R1. The voltage increment across R1 lowers the effective overdrive voltage
of M4. Consequently, the tank current is reduced until the amplitude reaches the
desired level defined by Vref. Figure 3.4(a) shows the tail current drawn from the
supply voltage and Fig. 3.4(b)-(c) show the oscillation amplitude and gate voltage
of Mtail during the settling time of the control loop. The capacitor Cf, depicted in
Fig. 3.3, is included to reduce the noise in the second harmonic due to the rectifying
action of the peak detector. The power consumption of the loop is designed to be
comparable with the traditional current mirrors for biasing purpose of the VCO
core.

As mentioned earlier in this section, the noise introduced by the control loop may
cause significant deterioration in phase noise performance of the VCO. Therefore, a
number of issues have been considered in this design and are reported in Paper IV.
In summary, the main important parameters are the AAC loop bandwidth and 1/f
noise of the actives in the loops. Further, the nonlinearities of the tank capacitance
and the effect of conversion from common-mode or AM to frequency-modulation
(FM) [69] are significant. These issues are suppressed by using discrete tuning and
a low Cmax/Cmin varactor ratio, as discussed in previous sections. As for the peak
detector, the time period of which it is active, is minimized by proper transistor
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behavior of the supply current, (b) shows the VCO output signal and (c) shows the
gate voltage of the tail current source.

sizing and biasing conditions. The main idea here is to make sure that M2 and
M3 are only commutating during a short period of time, i.e. for peak values of the
oscillation.

For a better understanding of the impact of the control loop, the noise contri-
butions from each specific component in the loop are considered during the opti-
mization process. For demonstration purpose, simulated noise data for a 5.5GHz
carrier with and without the presence of the AAC loop is summarized in Table 4.2.
These simulations are intentionally performed for equal tank current for both the
stand-alone SS-VCO and with the AAC loop. This would give a fair comparison
in terms of phase noise, since the oscillation amplitude is fixed for identical res-
onators. It is clear from Table 4.2, that the noise contributions from the tank and
the cross-coupled pair are essentially maintained at the same level in both designs.
The noise contribution from the tail current mirror is somewhat increased in the
AAC VCO. It is also observed that the remaining components noise contributions,
i.e. from the peak detector and R1, have a minor impact on the total phase noise
of the circuit. In Fig. 3.5, the entire simulated single-sideband phase noise is de-
picted, which also clearly shows the small phase noise deterioration in presence of
the loop. A similar trend is observed throughout the entire frequency band. Gen-
erally, the noise contributions from Mtail, M4 and M5 is somewhat increased at
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Table 3.1: SpectreRF simulations on the noise contributions (in V 2
rms/Hz (10−15)

at 3MHz offset) at 5.5 GHz carrier frequency (Q∼6) with a tank current of 5.5 mA.

Component SS-VCO AAC VCO
RT 5.1 5.0
M1 3.3 3.1

Mtail, M5 0.76 1.0
M2,M3 – 0.29

M4 1.7 2.1
R1 – 0.3
R2 0.35 0.62

L(3 MHz) -128.4 dBc/Hz -127.1 dBc/Hz
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Figure 3.5: Simulated phase noise of the SS-VCO with and without the AAC loop.
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low frequencies when the resonator Q is at it lowest, as depicted in Fig. 3.1. This
is mainly due to the larger gm required for compensation of the decrease in Q. In
summary, the total estimated noise contributions from the AAC loop, with the in-
valuable help of SpectreRF simulations, predicts an added phase noise of 2dBc/Hz
while its effective role in maximizing the oscillation amplitude, provides an overall
improvement of up to -3dBc/Hz when the entire frequency band is considered. The
AAC loop together with a reference VCO was implemented in a six-metal layer
0.18µm CMOS processes for verification of the ideas. The detailed experimental
results on the performance of the proposed AAC VCO compared to the stand-alone
SS-VCO are reported in Paper IV. The measurements clearly showed the improve-
ments obtained in 1/f2 phase noise when the loop is active. The AAC loop forces
the oscillation amplitude to be fixed while improving the power efficiency and phase
noise performance across the entire frequency.

3.2 Quadrature VCOs

As explained in Chapter 2, the direct conversion transceiver architectures are po-
tential candidates for low cost and highly integrated single-chip solutions. How-
ever, accurate quadrature signals and low phase noise, which in many cases are
traded against each other, are prerequisite for the successful implementation of these
transceivers and many modulation techniques. As a result, several approaches for
quadrature generation, based on the SS-VCO structure have been suggested in the
literature, and in this section a few of the important contributions are summarized.
Perhaps, the most common way of generating quadrature signals is by feeding the
VCO output signal through a poly-phase filter [27, 87]. The main disadvantage
with such a solution is the power consumed in the poly-silicon resistors which re-
duce the effective output quadrature amplitude. This issue is usually compensated
by adding buffers before and after the filter. Unfortunately, such buffers are diffi-
cult to realize at high frequencies and dissipate a significant amount of power. One
other approach is to generate a differential oscillation at twice the desired frequency
and then through frequency division attain quadrature signals [88]. This solution
is popular, since it relaxes the system from injection locking problems caused by
the power amplifier (PA) in single-chip solutions. However, this comes at the cost
of a more difficult design at higher frequency and additional power dissipation in
the high-speed dividers and VCOs.

A more promising approach is the cross coupling of two identical and sym-
metric SS-VCOs which are forced to oscillate in quadrature. This technique is
often referred to as direct quadrature generation. The most commonly used direct
QVCO was proposed in 1996 [26] where the coupling mechanism between the two
SS-VCOs is achieved by four additional transistors (Mcpl). In this topology, the
coupling transistors are connected in parallel with the cross-coupled transistors in
the SS-VCO (Msw). Therefore, in this work this topology is referred to as the Par-
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Figure 3.6: Simplified circuit schematic of the PQVCO.

allel coupled VCO (PQVCO). The circuit schematic over the PQVCO is depicted
in Fig. 3.6. The PQVCO suffers from a critical trade-off between phase noise and
phase accuracy, as it will be discussed in next section. The source-injection parallel
coupled QVCO (SIP-QVCO) architecture [89], provides a substantial improvement
in the phase noise over the conventional PQVCO, while still suffering from phase
accuracy trade-offs. An alternative technique for reduction of phase noise and bet-
ter quadrature accuracy is the Series coupled QVCO (SQVCO) [28, 90]. Figure 3.7
shows the circuit schematic over one possible implementation of a SQVCO. Here
Mcpl is in series with the Msw, which has been shown to reduce the phase noise
with 8–10dBc/Hz compared with the PQVCO topology [90]. The main disadvan-
tage with this topology is the increased number of device stacking compared to the
PQVCO. Further, in triple-well CMOS technologies, the differential signals of each
SS-VCO can be coupled through the back-gates of the cross-coupled differential pair
[91]. Such technique reduces the number of transistors in the signal path, which
improves the phase noise and reduce the power consumption. However, the signals
coupled through the bulk node may forward bias the pn-junction between the dif-
fusion regions and, thereby, degrading the overall circuit performance. Moreover,
this technique is restricted to the availability of a triple-well CMOS process.

In another work, the coupling devices are removed and by inductively cou-
pling the second-order harmonic components at the common-source node of the
two VCOs quadrature signals are attained [29, 30]. This technique is promising,
although it requires large chip-area, it achieves good phase noise and quadrature
accuracy. However, this is only possible for a narrow tuning range. For a wide-
band application new innovative topologies are necessary to overcome the above
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Figure 3.7: Simplified circuit schematic of the SQVCO.

discussed issues.

3.2.1 Proposed QVCO

Based on the brief overview of modern high performance QVCO techniques dis-
cussed in the preceding section, it is concluded that direct QVCO structures are
good candidates for accurate quadrature generation. Although such structures re-
quire large chip area compared to a single differential VCO with a poly-phase filter
or frequency division techniques, they are still favorable in wide-band applications
due to their relatively low power dissipation. Further, it is possible to achieve a
wide frequency tuning range in such topologies by using the same techniques as in
differential oscillators. Among the different direct QVCO topologies the PQVCO
and SQVCO structures seem to be good options in wide-band low-cost and flexible
applications, since, their implementation is not limited to any specific technology.

In the PQVCO topology, however, there is a direct trade-off between phase noise
and phase accuracy. In [90] it is shown that the phase accuracy and phase noise in
PQVCOs are related to a coupling factor α, given by:

α =
Wcpl/Lcpl

Wsw/Lsw
, (3.4)

where Wcpl,sw and Lcpl,sw are the width and the length of the coupling and cross-
coupling transistors respectively, as depicted in Fig. 3.6. In the PQVCO, a strong
coupling between the two differential SS-VCOs, enforced by a large α, provides
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a good phase accuracy. However, a large α, causes significant deterioration in
both the 1/f3 and 1/f2 phase noise regions [90]. Thus, it is straightforward to
improve the phase noise performance of the PQVCO at the expense of its phase
error performance. In the case of the SQVCO structures the phase error is, on the
contrary, almost independent of α, provided that the coupling transistors are larger
than the cross-coupled pair. This is a very interesting feature, since, ideally the
phase error should only be dependent on the actual amount of mismatch between
the integrated components in each differential VCO. Other improvements in the
SQVCO compared to the PQVCO is the reduced phase noise contributions from
the coupling switches through degeneration [90]. Further, the coupling transistors
do not require an additional biasing current, as in the case of the PQVCO, which
leads to a reduction in current consumption.

A very serious performance degradation exists in QVCOs when compared to
differential oscillators. Ideally the oscillation amplitude of a QVCO, at least the
topologies based on two differential oscillators forced in quadrature, should be equal
to a differential oscillator based on an identical LC-tank. However, as reported in
[31] somewhat lower amplitudes are obtained in a QVCO, and the deviation is
very dependent on the coupling strength provided by the coupling transistors. The
degradation in oscillation amplitude is caused by a reduction of the effective tank Q
of the LC-tanks in QVCO. This issue becomes even more significant if a wide-band
design is under consideration. As discussed in previous sections, the amplitude
variations cause performance degradations, which are not negligible in wide-band
oscillators. Now, if further degradation in amplitude is somehow present in QVCOs,
the performance is expected to be even worse compared to a differential wide-band
VCO.

To reduce these unwanted performance degradation in QVCOs, an improved
topology is proposed in Paper V. The main idea of the circuit is to adopt the ad-
vantage of larger oscillation amplitude that is attained in the differential DS-VCO,
shown in Fig. 2.13(b). Although this is possible to achieve by adding parallel cou-
pling switches to the DS-VCO, as in the case of the PQVCO, the trade-offs in
phase accuracy and phase noise makes this approach less favorable. Further, in
order to preserve symmetry, additional coupling transistors are necessary for the
PMOS cross-coupled pair as well. This in turn is expected to degraded the phase
noise performance and possibly the phase accuracy, since perfect device matching
of PMOS to NMOS coupling transistors is difficult to guarantee. The approach in
this work is to use the PMOS switches in the DS-VCO as coupling switches instead
of introducing additional switches. The simplified circuit schematic of the QVCO
is shown in Fig. 3.8. This technique provides several important features. First, the
required chip area is reduced, since it is possible to use only two integrated induc-
tors instead of the traditional four in PQVCOs or SQVCOs. Second, the entire
varactor tuning characteristics may be used without exceeding the supply voltage,
which is very favorable in wide-band applications. As in the case of the SQVCO
topology, the phase accuracy is marginally improved by increasing α while the phase
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noise decreases for reasonable increments of α, as shown in Fig. 3.9. However, by
increasing α, reduction in the maximum oscillation frequency and tuning range is
inevitable. Therefore, a trade-off exist between phase noise and tuning range in
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Figure 3.9: Simulated phase error performance of the proposed QVCO in presence
of 0.5% tank mismatch as a function of α.

this design as in the SQVCO topologies. The last and most significant advantage
of this topology is the larger oscillation amplitude, compared to other center-tapped
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QVCO topologies and the SS-VCO. As in the case of the DS-VCO topology, the
tank current in the proposed QVCO is flowing through an inductance that is twice
as large compared to the PQVCO and SS-VCO, thereby, resulting in a larger am-
plitude. The gain in oscillation amplitude is directly improving the phase noise
performance as well. A performance comparison under very general conditions be-
tween the proposed QVCO and the SS-VCO, DS-VCO and PQVCO is reported
in Paper V. In summary it was shown that the proposed QVCO outperforms the
SS-VCO and the PQVCO in oscillation amplitude and phase noise performance.
The QVCO along with the DS-VCO have been implemented with the addition of a
differential SCA in a 0.18µm CMOS process for demonstration and verification of
their suitability for wide-band applications. The detailed experimental results are
reported in Paper V.

3.3 Chapter Summary

The main aspects and issues involved in wide-band versus narrow-band CMOS
VCO design was discussed in this chapter. An overview over existing frequency
tuning techniques for wide-band and multi-band VCOs was reported. In summary
it may be concluded that in a wide-band design the impact of the resonator and
frequency tuning elements play a crucial role in the performance of the VCO. Due
to significant Q variations over the frequency band, the optimization process in
terms of power dissipation and phase noise is not as straightforward as in narrow-
band designs. From a practical point of view, wide-band implementations ought
to include additional circuitries to overcome these issues. Therefore, an automatic
amplitude controller was suggested to compensate for the impedance variations of
the resonator. As a demonstration, design of a wide-band CMOS VCO with an AAC
loop was described. It was shown that it is possible to improve the performance of
a wide-band VCO in the presence of an AAC.

In the last part of the chapter, a few of important quadrature generation tech-
niques and their advantages and short comings were described. It can be concluded
that ideally a multi-phase oscillator display the same phase noise FoM as a single
phase oscillator based on identical resonators. However, in practice two significant
mechanisms cause performance deterioration in direct QVCOs: 1) the reduction of
effective Q and oscillation amplitude due to a misalignment between the current
and voltage in each resonator, 2) the additional phase noise generated by coupling
switches. These issues become even more severe in wide-band QVCOs. Thus,
an improved QVCO topology with superior oscillation amplitude and phase noise
performance for wide-band implementations was suggested.
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Chapter 4

Phase Noise

The analysis of phase noise in electrical oscillators has always been a subject of
theoretical and practical experiments. This is of course not unwarranted, since
phase noise in oscillators is still one of the main bottlenecks in today’s transceiver
systems. The traditional approach of estimating phase noise, by means of some
variant of the classical Leeson model [63], has shown to be less accurate than a
LTV model [10]. However, the Leeson model is still the predominant view of phase
noise in oscillators, perhaps due to its simplicity. While the LTV model is a very
accurate method for the prediction of phase noise, it suffers from time-consuming
repeated transient simulations, which eventually yields numerical values of phase
noise. Therefore, neither of these approaches clearly show the minimum theoretical
phase noise that may be expected from a certain oscillator topology. This in turn
makes the optimization process of integrated VCOs a very complex task. To aid the
design and to provide a deeper understanding of phase noise mechanism, a different
approach based on Hajimiri and Lee’s LTV model [10] is proposed in this chapter.
The approach described here makes use of simplified small signal circuit analysis and
symbolic calculation of the ISF. Thereby, rigorous closed-form symbolic equations
for the 1/f2 phase noise in LC-tank oscillators are obtained. This approach has
been used for prediction of the minimum phase noise in the famous CMOS/bipolar
Colpitts oscillator in Paper VI and Paper VII, as well as in the CMOS SS-VCO and
DS-VCO topologies described in Paper VIII. The theoretical results obtained enable
a meaningful and fair comparison of phase noise performance of these topologies.
The following sections describe the approach and particularly show the derivations
of phase noise expressions for the bipolar Colpitts and the DS-VCO. The minimum
phase noise performance of the bipolar Colpitts is compared with that displayed
by the CMOS Colpitts. Further, the phase noise performance of the DS-VCO is
compared to the SS-VCO. Circuit simulations and measurements for verification of
the calculations are reported in the associated sections.

47
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4.1 A General Expression for Phase Noise Gener-
ated by the Resonator

In this section a general expression for the resonator thermal noise causing 1/f2

phase noise is provided. This is an important part in the analysis of phase noise in
oscillators, since in any resonator-based design the impact of the resonator is very
dominant. Further, as a designer of LC-tank oscillators, it is of great interest to
estimate the minimum phase noise that may be achieved if one simply considers
the resonator stand-alone. According to the ISF theory, the white phase noise
associated with the tank resistance1 in a single-phase oscillator is [10]:

L(∆ω) = 10 log







i2
RT

∆f Γ2
RT ,rms

2q2
max∆ω2






, (4.1)

where qmax is the maximum charge swing across the tank capacitance C, Atank
is the amplitude of the oscillation (assumed sinusoidal) across C, ∆ω is the offset
angular frequency from the carrier, ΓRT ,rms is the root-mean-square value of the ISF

related to RT and i2RT
/∆f is the power density of the stationary noise generated

by RT , given by the well-known expression:

i2RT
= 4kBT

1

RT
∆f, (4.2)

where kB is Boltzmann’s constant and T is the absolute temperature.

Assuming now that the LC-tank generates sinusoidal signals, given as:

Vtank = ±Atank cos ω0t, (4.3)

where Atank is the peak amplitude, the associated ISF of RT becomes [31]:

ΓRT
(φ) = ± sin(φ)

N
, φ = ω0t, (4.4)

where N is the number of identical LC-tanks used in an oscillator (N=1 (N=2) in
a single-ended (differential) oscillator). It is straightforward to immediately express
Γ2

RT ,rms in (4.1) as:

Γ2
RT ,rms =

1

2π

∫ 2π

0

Γ2
RT

(φ)dφ =
1

2N2
. (4.5)

1RT was defined as the parallel equivalent resistance, representing the losses from the passive
components in a LC-tank, see Fig. 2.4(b) in Chapter 2.
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Thereby, the closed-form expression of phase noise generated by the LC-tank may
be derived through substitution of (4.2) and (4.5) into (4.1), according to:

LRT
(∆ω) = 10 log

(

N · kBT

N2C2A2
tank∆ω2

· 1

RT

)

= 10 log

(

kBT

NC2A2
tank∆ω2

· 1

RT

)

, (4.6)

where CAtank substitutes qmax in (4.1), and where we have made use of the fact that
in a N -phase oscillator there are N identical single-ended LC-tanks contributing
equally to the phase noise [31].

It should be noticed that (4.6) is not bound to any specific oscillator topology.
Therefore, this expression is valid for any LC-tank oscillator topology that satisfies
(4.3). As it will be shown in the following sections, (4.4) and (4.6) are used as the
basis for closed-form symbolic expressions of ISFs related to other noise sources in
oscillators and will frequently be referred to in this chapter.

4.2 Bipolar Colpitts Oscillator

Among a large number of RF oscillator topologies the single-ended Colpitts oscil-
lator, depicted in Fig. 4.1, is well-known for its superior phase noise performance.
This fact has been experimentally demonstrated in many works, since the early
days of electrical communications [92]. However, the first theoretical explanation
for the impressive phase noise displayed by a Colpitts oscillator had to await Ha-
jimiri’s and Lee’s LTV theory, as described in Chapter 2. In [10] the low phase
noise of Colpitts was traced back to the weak impact that the noise from tran-
sistors had on the phase noise itself, which was demonstrated through numerical
ISF calculations and experimental verifications. A few other attempts to calculate
the phase noise in Colpitts oscillators have also appeared in the literature (see e.g.
[93, 94, 95, 96]); these analysis, however, are also limited to numerical results, and
sometimes neglect the time-variant nature of phase noise generation. The follow-
ing sections aim to provide a new approach, based on the LTV theory, enabling for
closed-form symbolic expressions of phase noise in either single-ended or differential
bipolar Colpitts oscillators2.

4.2.1 Oscillation Amplitude

The oscillation amplitude is an important parameter in phase noise performance, as
underscored in (4.6). Throughout the analysis described in the following sections, it
is assumed that that even for a moderately selective resonator, all transistor current

2Detailed analysis for the CMOS Colpitts oscillator, based on the same approach, was described
in Paper VI, and will not be treated in this chapter.
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Figure 4.1: Circuit schematic of the single-ended Colpitts oscillator.

harmonics higher than the fundamental are filtered off by the LC-tank and may be
disregarded in the analysis. Further, in order to keep the calculations manageable
it is assumed that the ideal diod-equations describe the collector current (Ic) of the
bipolar transistor3. In [44], the peak oscillation amplitude for the bipolar Colpitts
oscillator was derived as:

Atank = I1RT (1 − n), (4.7)

where I1 is the first harmonic current generated by the transistor and n is the
capacitive ratio between C1 and C2, as depicted in Fig. 4.1, according to:

n =
C1

C1 + C2

. (4.8)

Assuming a voltage at the emitter (Ve) to be sinusoidal with an amplitude of Ae

and an angular frequency of ω0 with an arbitrary phase at t = 0, it is given that
Ve(φ) = −Ae cos (φ) (φ = ω0t). Defining VBE as the DC voltage across the base-
emitter junction of the transistor, Ic may be expressed as:

Ic(φ) = Ise
VBE+Ae cos (φ)

VT , (4.9)

3While this assumption is of course optimistic, it will be shown later that the outcome of
the calculations is quite close to what is obtained through simulations with much more complex
transistor models. Moreover, the results obtained from this simplification can be taken as upper
boundaries for the performance of the bipolar Colpitts oscillator.
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where Is is the BJT saturation current and VT is the thermal voltage. The param-
eter of interest, i.e. VBE, can be found from:

IB =
1

2π

∫ π

−π

Ic(φ)dφ =
1

2π

∫ π

−π

Ise
VBE+Ae cos (φ)

VT dφ, (4.10)

where we have used the fact that the DC value for the transistor current equals
to the bias current IB . The integral in (4.10) may be solved by incorporating the
modified Bessel functions, defined by [97]:

Jm(x) =
1

π

∫ π

0

ex cos t cos(mt)dt. (4.11)

For m = 0 and x =Ae/VT it is recognized that (4.10) is a modified Bessel function
of the first kind of order zero (J0(x)). Thereby, it is straightforward to redefine
(4.10) to:

IB = Ise
VBE
VT · J0

(

Ae

VT

)

. (4.12)

From (4.12) VBE is easily obtained as:

VBE = ln

(

IB

Is · J0(Ae/VT )

)

VT . (4.13)

According to (4.7) the first harmonic current produced by the transistor is needed
to be found for calculation of Atank. I1 may be obtained by means of Fourier’s
theory:

I1 =
1

π

∫ π

−π

Ic(φ) cos(φ)dφ =
1

π

∫ π

−π

Ise
VBE+Ae cos (φ)

VT cos(φ)dφ. (4.14)

Using (4.11), it is recognized that (4.14) is yet another modified Bessel function,
i.e. for m = 1. Thereby, simple mathematical manipulation allows us to express:

I1 = 2Ise
VBE/VT · J1(Ae/VT ) = 2IB

J1(Ae/VT )

J0(Ae/VT )
, (4.15)

where J1(x) is a modified Bessel function of the first kind of the first order. Finally,
the voltage amplitude according to (4.7) is achieved by using (4.8) and (4.15). It
should be noticed that Ae is a fraction of Atank due to the capacitive tapping
determined by (4.8) and may be given by:

Ae = n · Atank. (4.16)

Thus, the procedure (4.13)-(4.15) must be solved in a recursive manner for calcu-
lation of Atank. The above presented equations not only provide an expression for
Atank, but also for the transistor bias conditions which are used in the following
section for small signal analysis and phase noise calculations.
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Figure 4.2: Noise sources in the Colpitts oscillator.

4.2.2 Phase Noise due to Collector Current Shot Noise

In Fig. 4.2 the main noise sources in the bipolar Colpitts oscillator are shown. The
noise to phase noise contributions from the tank resistance were shown previously.
The remaining dominant noise sources are the base resistance induced thermal noise
(i2rb

) and the collector current shot noise (i2c). The base current shot noise (i2b) and
all the noise sources from biasing are neglected in the following analysis since, their
impact on the total phase noise is minor4. This section will strictly treat the noise to
phase noise conversion due to i2c . In particular, a closed-form symbolic expression
for phase noise due to i2c will be presented, clearly showing how to minimize its
contributions as a function of circuit parameters.

According to the LTV theory, the relatively good switching property of bipolar
transistors are favored by Colpitts oscillators. As depicted in Fig. 4.1, the base of
the transistor is an RF ground, allowing the common-base amplifiers to provide the
requisite gain from the emitter to the collector where the LC-tank is connected.
The capacitors C1 and C2 couple a fraction of the tank voltage back to the emitter
of the BJT as a positive feedback mechanism. The average collector current is
determined by the current source while the base-emitter junction voltage is varied
across the oscillation period. Therefore, the transistor is essentially in cut-off during
a large portion of the period, and is, thus working as a class-C amplifier. The device
noise is converted into phase noise only during the time that the transistor is on,
and the narrower the opening time of the transistor is, the less noise is converted
to phase noise. As described in Chapter 2, when a cyclo-stationary noise source
is considered, the ISF associated with it is replaced by an effective ISF, defined as
[10]:

Γeff(φ) = Γ(φ) · α(φ), (4.17)

where α(φ) carries the periodicity information of the noise source. Obviously the
collector current shot noise is cyclo-stationary and is given by:

i2c = 2qIc(φ)∆f, (4.18)

4This is easily verified in spectreRF simulations under a great variety of working conditions.
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Figure 4.3: (a) Circuit schematic for calculations of ISF for the i2c . (b) Equivalent
circuit of (a) where i2c is represented by two correlated grounded sources.

where q is the electron charge. The symbolic expression for the ISF related to i2c
may be determined by using the definition of the ISF, as the excess phase generated
by a current impulse into a given node in the oscillator. In the case of a Colpitts
oscillator, i2c is in parallel with C1, as depicted in Fig. 4.3(a). In Fig 4.3(b) i2c
is represented as two fully correlated grounded sources (i2c,a, and i2c,b). With this

simplification we may immediately observe that the ISF related to i2c,a (Γc,a(φ)) is

the same as ΓRT
(φ) (see (4.4)), since, i2c,a is now in parallel with the tank thermal

noise source i2RT
. On the other hand, the voltage ∆VB induced by a current impulse

of the same area ∆Q, flowing into node B in Fig. 4.3(b), is expressed as:

∆VB =
−∆Q

C
= −∆VA

C1

C1 + C2

= −n∆VA. (4.19)

Knowing that ∆VA results in Γc,a(φ), it is straightforward from (4.19) to express:

Γc,b(φ) = −n · Γc,a(φ) = −n · ΓRT
(φ). (4.20)

Thereby, we may now derive the final symbolic expression for the ISF related to i2c
as:

Γic
(φ) = Γc,a(φ) + Γc,b(φ) = ΓRT

(φ)(1 − n) =
sin(φ)

N
(1 − n). (4.21)

According to (4.17) it remains to find the α(φ) for complete description of the
cyclo-stationary noise. This is easily done by noticing that (4.18) combined with
(4.9) and (4.17) yields:

i2c
∆f

= 2qIse
VBE+Ae cos (φ)

VT ≡ i′2c
∆f

· αic
(φ)2, (4.22)

where

i′2c = 2qIse
VBE
VT ∆f, αic

(φ) =

√

e
Ae cos (φ)

VT . (4.23)
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From (4.21) and (4.23), Γic,eff(φ) may be expressed as:

Γic,eff(φ) = Γic
(φ) · αic

(φ) = (1 − n)
sin (φ)

N

√

e
Ae cos (φ)

VT . (4.24)

We may now calculate the square rms value of Γic,eff(φ) according to:

Γ2
ic,eff,rms =

1

2π

∫ 2π

0

Γ2
ic,eff(φ)dφ =

1

2π

(1 − n)2

N2

∫ 2π

0

sin2(φ)e
Ae cos (φ)

VT dφ. (4.25)

In order to keep the hand calculations manageable (4.25) is further developed into:

Γ2
ic,eff,rms =

1

2π

(1 − n)2

N2

[ ∫ 2π

0

e
Ae cos (φ)

VT dφ −
∫ 2π

0

e
Ae cos (φ)

VT cos2(φ)dφ

]

, (4.26)

where (4.25) is simply rearranged through the trigonometric relation sin2(φ) =
1 − cos2(φ). Using this modification it is recognized that the first integral term
in (4.26) is a modified Bessel function of order zero. Further, the second integral
term may be described by a zero and a second order modified Bessel functions5.
Thereby, we may again reduce (4.26) to:

Γ2
ic,eff,rms =

(1 − n)2

N2

[

J0

(

Ae

VT

)

− 1

2
J0

(

Ae

VT

)

− 1

2
J2

(

Ae

VT

)]

=
(1 − n)2

N2

I0

(

Ae

VT

)

· VT

Ae
. (4.27)

Finally, it is now convenient to calculate the phase noise caused by i2c , by using:

L(∆ω) = 10 log





i′2c
∆f Γ2

ic,eff,rms

2C2A2
tank∆ω2



. (4.28)

By joining relevant equations, i.e. (4.13), (4.23) and (4.27), (4.28) becomes surpris-
ingly simple:

Lic
(∆ω) = 10 log

(

kBT (1 − n)

2NRT nC2 A2
tank ∆ω2

)

. (4.29)

The expressions from (4.6) and (4.29) can be merged together, in order to obtain
the closed-form formula for the phase noise due to the tank and collector shot noise,
as:

Lic+RT
(∆ω) = 10 log

(

kBT (1 + n)

2N RT nC2 A2
tank ∆ω2

)

. (4.30)

5This is easy to obtain if cos2(φ) in (4.26) is substituted with 1 + cos(2φ). Thereby, we may
immediately from (4.11) find (4.27).
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The above compact expression allows us to make a very interesting remark; con-
sidering the dependence of Atank on n according to (4.7), it is straightforward to
find the minimum in (4.30) to be,

n =

√
17 − 3

4
≈ 0.28. (4.31)

Note that the above optimum value of n, for which the noise contributions from
i2c and i2RT

are minimized, is of course strictly true only if all other noise sources
contribute negligibly to the overall phase noise. Under this assumption, it can be
concluded that the minimum phase noise contribution of i2c is approximately 1.28

times that of i2RT
. A very important and perhaps controversial result from these

calculations is that the minimum phase noise, arising from the most dominant noise
sources in bipolar Colpitts oscillator, is only dependent on n and nothing else.

4.2.3 Phase Noise from the Base Resistance Thermal Noise

In this section the thermal noise induced from the base resistance (i2rb
), as depicted

in Fig. 4.2, is treated. This is carried out by following the same approach as in the
case of i2c . It is possible to relate the ISF associated to i2rb

(Γrb
(φ)) to the well-known

ΓRT
(φ) given by (4.4). Again the analysis start with the charge displacement ∆Q

induced by a current impulse, this time in parallel to rb, appearing at time t0 at the
base of the BJT as shown in Fig. 4.4. In order to keep the calculations manageable,
any parasitic capacitance in the BJT is neglected. However, it is assumed that there
is an arbitrary small capacitance CB between base and ground, where the current
impulse is collected. As a result, CB is charged to an initial value of ∆Q/CB over
a very short time. Thereby, an impulse injected at t0 causes a voltage at the base
of the BJT according to:

∆V (t) =
∆Q

CB
e−

(t−t0)
τ , (4.32)

where τ = rbCB is the time constant of the rbCB network. Equation (4.32) assumes
that the BJT constitutes a negligible load compared to rb, which is very reasonable.
If τ is much smaller than the period of oscillation, which is true as long as CB is
chosen small enough, ∆V (t) is impulsive. From this follows that the excess collec-
tor current ∆I(t), generated by the BJT in response to ∆V (t), is also impulsive.
However, if ∆I(t) is impulsive, it flows only through C1, leaving the voltage across
C2 unchanged, which means that the voltage at the BJT emitter does not respond
to ∆I(t). Thus, the derivation of ∆I(t) is particularly simple, as it is given by the
product of the base voltage ∆V (t) and the BJT transconductance gm(ω0t0) at time
t0. The total collector charge displacement (∆Q′) injected into the tank can, thus,
be expressed as:

∆Q′ =

∫ ∞

t0

∆I(t)dt =

∫ ∞

t0

gm(ω0t0)∆V (t)dt ≈ gm(ω0t0)rb∆Q, (4.33)
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Figure 4.4: Noise sources in the Colpitts oscillator.

where we have used the fact that ∆V (t) is different from zero only for t ≈ t0.
As expected, ∆Q′ is independent of CB and proportional to rb and gm(ω0t0). It is
noticed that the ISF associated with an impulsive ∆Q in parallel with C1 is already
defined in (4.21). Thereby, using (4.33) the ISF associated with ∆Q′ is obtained
as:

Γrb
(φ) = (1 − n)

sin (φ)

N
gm(φ)rb. (4.34)

For the Colpitts oscillator shown in Fig. 4.1, (4.34) may be expanded to:

Γrb
(φ) =

(1 − n)rb

VT
· sin(φ)

N
· Ise

VBE+Ae cos(φ)

VT . (4.35)

Again, Γ2
rb,rms is obtained by:

Γ2
rb,rms =

1

2π

∫ 2π

0

Γ2
rb

(φ)dφ

=
(1 − n)2r2

b

2πN2V 2
T

∫ 2π

0

sin 2(φ) · I2
s e

2VBE
VT e

2Ae cos(φ)
VT dφ

=
(1 − n)2r2

b

2πN2V 2
T

I2
B

J2
0 (x)

∫ 2π

0

[

e
2Ae cos(φ)

VT − e
2Ae cos(φ)

VT cos(2φ)

]

dφ.

(4.36)

The solution to the above integral is again a zero and a second order modified Bessel
function (see (4.11)) and may be solved to:

Γ2
rb,rms =

(1 − n)2r2
b

2N2V 2
T

I2
B

J2
0 (x)

[

J0(2x) − J2(2x)

]

=
(1 − n)2r2

b

2N2VT
I2
B · I1(2x)

AeJ2
0 (x)

, (4.37)
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where x =Ae/VT . Equation (4.37) may be simplified by substituting relevant equa-
tions for Ae (i.e. (4.7), (4.15) and (4.16)) to:

Γ2
rb,rms =

(1 − n)r2
bIB

4N2VT RT n
· J1(2x)

J0(x)J1(x)
. (4.38)

Finally, it is now convenient to calculate the phase noise caused by i2rb
, by using:

Lrb
(∆ω) = 10 log







i2rb

∆f Γ2
rb,rms

2C2A2
tank∆ω2






, (4.39)

where
i2rb

∆f
=

4kBT

rb
. (4.40)

By merging (4.38) and (4.40) into (4.39), the total phase noise due to i2rb
becomes:

Lrb
(∆ω) = 10 log

(

kBTIBrb(1 − n)

2NVT RT nC2A2
tank∆ω2

· J1(2x)

J0(x)J1(x)

)

. (4.41)

To understand the impact of (4.41) it is convenient to use Fig. 4.5, due to the
presence of the Bessel functions. Calculations show that (4.41) is dependent on n
and is exponentially decreasing as a function of IB . Figure 4.6 shows the calculated
phase noise caused by different values of rb as a function of n. It is clear that the
minimum of (4.41) is obtained for n ≈ 0.50, although the relative difference for n
between 0.3 to 0.5 is only marginal. For the sake of completeness, (4.41) may be
added to (4.30), and, thereby, providing the final closed-form symbolic expression
of phase noise in the 1/f2 region in a Colpitts oscillator as:

Ltot(∆ω) = 10 log

(

kBT (1 + n)

2N RT nC2 A2
tank ∆ω2

·
[

1 +
IBrb(1 − n)

VT (1 + n)
· J1(2x)

J0(x)J1(x)

])

.

(4.42)

Summarizing the results for each BJT noise source it can be concluded that
for typical bias currents in Colpitts oscillators with practical magnitudes of tank
amplitude, the dominant noise sources are the tank thermal noise and the collector
shot noise which are minimized by using n ≈ 0.3, for which the base thermal
noise contribution is very close to its minimum. To repeat, (4.42) shows the phase
noise due to the dominant noise sources in a Colpitts oscillator. It is possible to
follow the same approach as in the case of derivation of ISFs for i2rb

and i2c to
also incorporate the impact of the base-emitter shot noise and additional biasing
elements. In fact, the ISF related to the base emitter shot noise is already obtained
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Figure 4.5: Numerical calculations of (4.41) as a function of IB for different values
of n (rb = 2Ω).

in (4.20), since the current noise is in parallel with capacitor C2. By extracting
relevant parameters and including the cyclo-stationary part the noise contribution
of this source is obtained. Both calculations and spectreRF simulations show that
the impact of this noise source is of minor importance and is, thus, neglected in
this work.
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4.2.4 Theory Versus Simulations and Measurements

In the previous section the minimum phase noise, caused by the dominant noise
sources, displayed in a single-ended bipolar Colpitts oscillator was derived. In pre-
vious sections, a factor N frequently appeared in the denominator of the symbolic
expressions of the ISFs. As described earlier, N represents the number of phases in
the oscillator. For an N -phase oscillator it is assumed that there are N uncorrelated
noise sources contributing equal amount of noise to phase noise [31]. In the case of
a single-ended Colpitts, this would yield N = 1. In a differential oscillator, where
it is assumed that each single-ended branch are symmetrical to their counterpart,
there are two identical noise sources for each component that contribute with equal
amount of noise. Therefore, for N = 2 (4.6), (4.30) and (4.41), describe the phase
noise for a differential Colpitts oscillator. In practical implementations, differential
oscillators are favorable due to their immunity to common-mode or supply varia-
tions. It is possible to modify the single-ended Colpitts oscillator for differential
operation as shown in Fig. 4.7. Here, the coupling between two single-ended Col-
pitts is achieved by the mutual inductance of a center-tapped inductor instead of
the conventional floating capacitive coupling between the two emitters [66]. The
comparison between the calculations, simulations and measurements is carried out
using the differential Colpitts shown in Fig. 4.7. The capacitors C1 and C2 are real-
ized with ideal capacitors and the inductor is a center-tapped structure with Q≈9
at 3GHz and L=2.6nH. In order to simplify the simulations and check the validity
of (4.42), the bias current IB is set by an ideal source with a parasitic capacitance
of 100fF.

It is possible to simply calculate the total phase noise of the Colpitts oscillator
by using (4.42) and then relate the results to phase noise simulations in spectreRF.
However, such comparison would not give a meaningful information since, the im-
pact of each specific noise component would not be visible. Therefore, the compar-
ison presented here is based on both the noise contributions from each component
as well as the total phase noise of the oscillator. The Cadence spectreRF simulator
calculates the phase noise of an oscillator as the ratio of noise contributions from
each component in the circuit, to the power of the output signal according to:

Ltot(∆ω) = 10 log

(

∑

NL

A2
tank/2

)

. (4.43)

where NL is the noise contribution from noise sources in V 2
rms/Hz at a given offset

∆ω. In [31] it was shown that NL combined with (2.17) may be expressed as:

NL(∆ω) =









i2n
∆f

Γ2
rms

4C2∆ω2









. (4.44)
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Figure 4.7: Differential implementation of a bipolar Colpitts oscillator.

From (4.44) it is possible to compare the noise contributions from a certain noise
source between calculations and simulations. Further, two sets of simulations are
performed, in order to better verify the theoretical calculations. In the ideal case,
all parasitics are removed from the BJT model, and rb is added externally for total
control of this important parasitic component. In the real case, on the other hand,
the actual VBIC models are used. As clear from Table 4.1, the results obtained
with the ideal-model simulations are in excellent agreement with the calculations,
proving the correctness of the symbolic phase noise analysis presented in this work.
The discrepancy between calculations and real-model simulations are of course due
to the simplified models used in the calculations. As an example, the BJT collector
currents are in reality somewhat more distorted than the ideal, narrow and sym-
metric pulses assumed in the analysis of the Colpitts oscillator. Further, the value
of the intrinsic BJT base resistance is in general bias dependent, and, thus, also
time-variant, while rb was a pure constant in the theoretical analysis. However, it
is a fortunate circumstance that real-model simulations are still very close to ideal
ones, which means that the equations previously presented can indeed be used for
reasonably accurate predictions of phase noise in Colpitts oscillators. More im-
portantly, these results show the power and importance of adopting a time-variant
approach in the study of phase noise.

Based on the results described above, the differential Colpitts oscillator was
implemented in a 0.35µm BiCMOS technology, for verifications of theory in mea-
surements. An on-chip center-tapped inductor with an inductance value of 2.6nH
was implemented with the 2µm-thick Aluminum top metal layer. The capacitive
divider, C1 and C2, was implemented with MIM capacitors, realizing a division
ratio of 0.3 (optimal value for n) while setting a center frequency of 3GHz. The
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tuning scheme employs the combination of a 4 × 2 switchable capacitor array for
coarse tuning, and a small accumulation-MOS varactor for fine tuning, in order to
avoid the substantial phase noise deterioration caused by large varactors. The BJT
transistors generating the bias currents are degenerated by 50Ω on-chip resistors to
minimize their noise contributions. Open collector 50Ω buffers are used for mea-
surement purposes. The VCO has a core current consumption of 5 mA from a 2 V
power supply, and the average differential output power delivered by the buffers is
approximately 0 dBm. The circuit is tunable from 2.8 GHz to 3.1GHz (10% tun-
ing range), covered in four overlapping bands. Thus, the center frequency is some
100 MHz lower than simulated. The phase noise performance was measured using a
PN9000 system with the open-loop delay line technique. Figures 4.8 and 4.9 show
the phase noise at 2.8GHz and 3.0GHz carrier respectively. The drop for offset
frequencies higher than 5MHz is an artifact of the measurement system, which em-
ployed a 100 ns delay line. The 1/f3 phase noise corner is at approximately 50 kHz
offset. The VCO displayed a phase noise of -123dBc/Hz at 1MHz offset or less
across the operation frequency while dissipating 10mW of power. These measure-
ment results agree very well (keeping in mind the uncertainties on the real value
of the tank-Q, as well as the presence of bias circuits and varactors) with both
theoretical and simulation results.

Table 4.1: Calculated and simulated noise contributions (in 10−14 · V2
rms/Hz) and

phase noise (in dBc/Hz) at 1 MHz offset frequency, for the differential Colpitts
oscillator operating at approximately 3GHz (2 x IB = 5mA).

n 0.221 0.320 0.416 0.530 0.632
NLRT

(calc.) 2.42 2.40 2.35 2.34 2.34

NLRT
(sim. ideal) 2.52 2.45 2.40 2.41 2.48

NLRT
(sim. real) 2.55 2.52 2.52 2.44 2.43

NLic
(calc.) 4.26 2.56 1.65 1.03 0.68

NLic
(sim. ideal) 4.32 2.67 1.74 1.17 0.85

NLic
(sim. real) 5.40 3.73 2.90 1.53 1.32

NLrb
(calc.) 5.37 3.63 2.48 1.52 1.01

NLrb
(sim. ideal) 5.32 3.55 2.39 1.32 0.87

NLrb
(sim. real) 6.46 3.91 2.82 1.24 0.60

L(∆ω)(calc.) -127.0 -127.4 -127.3 -126.6 -125.4
L(∆ω) (sim. ideal) -127.0 -127.4 -127.3 -126.6 -125.2



62 CHAPTER 4. PHASE NOISE

10k 100k 1M 10M
-150

-140

-130

-120

-110

-100

-90

-80

-70

 

 

P
ha

se
 N

oi
se

 (d
B

c/
H

z)

Offset Frequency ( f)

 2.8 GHz Carrier, 10 mW

Figure 4.8: Measured phase noise of the differential Colpitts VCO at 2.8GHz carrier.
The tangent lines show the 1/f3 and 1/f2 region.
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Figure 4.9: Measured phase noise of the differential Colpitts VCO at 3GHz carrier.
The tangent lines show the 1/f3 and 1/f2 region.



4.3. MINIMUM PHASE NOISE IN CMOS VERSUS BIPOLAR COLPITTS 63

4.3 Minimum Phase Noise in CMOS Versus
Bipolar Colpitts

In Paper VI a closed-form symbolic expression for the CMOS version of the Col-
pitts oscillator, depicted in Fig. 4.10, was derived. The analysis is based on the
same procedure as in the case of bipolar Colpitts, as described in earlier sections.
The ideal square-law relation between the drain current and voltage is assumed
to describe the MOS transistors. Excluding the impact of bias elements and only
treating noise sources from the LC-tank and the MOS transistor channel induced
thermal noise (i2ids

), the total phase noise in CMOS Colpitts becomes:

L(∆ω) = 10 log

(

kBT

NRT A2
tankC2∆ω2

[

(1 − n)γ

n
+ 1

])

, (4.45)

where n is the same capacitive ratio as defined in (4.8) and γ is the MOS transistor
channel induced thermal noise coefficient [42]. Noticeably, (4.45) shows that the
phase noise in CMOS Colpitts oscillator, for a given LC-tank, can be minimized
against n regardless of every design parameter except γ. In other words, the phase
noise itself is independent of the transistor dimensions. It is straightforward to find
the optimum in phase noise from (4.45) as a function of n according to:

dL
dn

= 0 → noptimum =
3γ −

√

γ2 + 8γ

4(γ − 1)
=







0.30 γ = 2/3
1/3 γ = 1
0.36 γ = 1.5

(4.46)

It should be noticed that the derivation in (4.46) includes the dependence of Atank
on n from (4.7). Interestingly, it is observed from (4.46) that the minimum phase
noise in the CMOS Colpitts is obtained for n ≈ 0.3 (depending on the value of γ),
just as in the bipolar case.

It is now possible to compare the minimum phase noise displayed by the CMOS
versus bipolar Colpitts oscillator, at least from a theoretical point of view. In fact, it
should be mentioned that (4.45) as in the case of (4.42) are the theoretical minimum
of phase noise in each technology and may be considered as upper boundaries for
phase noise performance in each respective implementation. If the comparison is
based on the two dominant noise sources in each implementation, i.e. from i2RT

, i2c
and i2ids

, it is observed that the phase noise contributions from i2RT
are the same6.

Further, it is assumed that both CMOS and BJT implementations achieve (very
nearly) the same oscillation amplitude, for the same LC tank and bias current.
Under these assumptions the relation between LCMOS and LBipolar in the 1/f2

region becomes:
LCMOS,RT +ids

(∆ω)

LBipolar,RT +ic
(∆ω)

=
2n − 2γ(1 + n)

(1 + n)
. (4.47)

6This is of course only true when identical LC-tanks are employed in both cases.
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Figure 4.10: Circuit schematic of a differential CMOS Colpitts.

The above relations show that the impact of i2ids
is larger than i2c on the overall

phase noise. The relative increase of the minimum phase noise (i.e. for n = 0.3) in
CMOS Colpitts, may be evaluated in terms of dBc/Hz, using (4.47), according to:

LCMOS,RT +ids
(∆ω) ≈ LBipolar,RT +ic

(∆ω) + 0.72 dBc/Hz, for γ = 2/3
LCMOS,RT +ids

(∆ω) ≈ LBipolar,RT +ic
(∆ω) + 1.87 dBc/Hz, for γ = 1

LCMOS,RT +ids
(∆ω) ≈ LBipolar,RT +ic

(∆ω) + 3.17 dBc/Hz, for γ = 1.5
(4.48)

To repeat, the results from (4.48) are only due to the dominant noise sources in
the respective Colpitts implementation, anticipating lower phase noise in bipolar
Colpitts. However, the noise contribution from the base resistance in bipolar im-
plementations may severely deteriorate the improvements obtained in (4.48). If
the total phase noise in bipolar Colpitts given by (4.42) is compared to (4.45), the
relative difference is much smaller than those obtained in (4.48) or in favor of the
CMOS version depending on the value of γ. Due to the presence of the modified
Bessel functions in (4.42), numerical calculations are used for prediction of the min-
imum phase noise difference in bipolar versus CMOS. The results obtained from
these calculations for n = 0.3 and γ = 2/3–1.5 are graphically illustrated as a func-
tion of IB in Fig. 4.11. In these calculations rb is approximately 2Ω, extracted from
the previously described bipolar Colpitts implementation. It may be concluded
from these calculations that the CMOS Colpitts oscillator is expected to display
up to -2dBc/Hz (depending on the actual value of γ) lower phase noise than its
bipolar counterpart in the 1/f2 region. This result is also directly mirrored on the
FoM of each implementation. In fact, the bipolar Colpitts in Paper VII and the
CMOS Colpitts in Paper VI were implemented in the same process and used iden-
tical LC-tanks. The highest obtained FoM for the CMOS Colpitts, using (2.19),
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Figure 4.11: Calculated phase noise for bipolar and CMOS Colpitts oscillators using
identical LC-tanks.

was 184dBc/Hz while the bipolar implementation achieved a FoM of 183dBc/Hz.
These results confirm the possible improvements that may be achieved in a CMOS
Colpitts, and more importantly, the accuracy and power of the derived formulas
for phase noise.

4.4 Phase Noise in CMOS LC-Tank Oscillators

The trend towards integrating digital and analog circuits on the same die, em-
phasizes the importance of CMOS RF circuits. As shown previously, integration of
VCOs in CMOS technologies may not necessary imply worse performance compared
to bipolar implementations7. Although CMOS Colpitts oscillators are frequently
used in RF transceivers, the CMOS SS-VCO shown in Fig. 4.12(a) is expected to
be an even better choice in terms of phase noise performance. In Paper VI, us-
ing the same approach as in the Colpitts phase noise calculations, the phase noise
in the SS-VCO arising from the MOS transistors and the tank was shown to be
proportional to 1/RT and γ8. On the other hand, the DS-VCO topology depicted
in Fig. 4.12(b) offers a doubling in oscillation amplitude, for a given LC-tank and
power dissipation in the current-limited region, compared to the SS-VCO. Ideally
this would yield a phase noise improvement of -6dBc/Hz in the 1/f2 region for

7This is of course under the assumption that the resonator Q is the same in both technologies.
8It should be mentioned that such results were already obtained in [67], however, without any

detailed proof and under the limiting assumption of square-current waveforms.
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Figure 4.12: Simplified circuit schematic over the (a) SS-VCO and (b) the DS-VCO.

the DS-VCO when compared with the SS-VCO. Such an improvement has already
been claimed in [98], however, without any formal proof or motivation. The best
understanding of phase noise in the DS-VCO states that the dominant noise sources
are the channel induced thermal noise from the core transistors [75]. In Paper VI it
was shown that such noise sources ideally contribute ≈40% of the total noise in the
SS-VCO, thereby, due to the additional of PMOS transistors anticipating that the
DS-VCO cannot live up to the full -6dBc/Hz improvements. This issue is perhaps
indicated by the literature survey presented in sections 4.4.3 over recent published
designs on both the DS-VCO and SS-VCO. To date the best FoM performance
oscillators in literature are based on some variant of the SS-VCO structure, despite
the possible improvements in oscillation amplitude of the DS-VCO. In the following
section, the symbolic approach for calculations of the ISF is adopted for prediction
of phase noise in the DS-VCO. These results will then be compared with those for
the SS-VCO, in order to make a fair comparison and to clarify the discussions on
the expected performance difference between these VCOs. Further, the dominant
mechanism causing phase noise degradation in the DS-VCO is discussed. The the-
oretical work is confirmed in measurements on a DS-VCO and a reference SS-VCO,
using identical LC-tanks and tank current.
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Figure 4.13: Overview of the dominant noise sources in DS-VCO.

4.4.1 Phase Noise in CMOS DS-VCO

The minimum phase noise, i.e. the noise from the CMOS transistors and the LC-
tank depicted in Fig. 4.13, is derived in this section using the symbolic approach
for the ISF calculations. The analysis is based on the simplifying assumption of the
signal generated by the LC-tank with arbitrary initial phase is given by:

V+ = Atank sin(φ), V− = −Atank sin(φ) (4.49)

where φ = ω0t and Atank for the DS-VCO is [75]:

Atank =
4

π
IBRT . (4.50)

Further, it is assumed that the ideal square-law relation between the drain current
and voltage describe the MOS transistors working in saturation. This assump-
tion, as in the case of the bipolar diode-equation, is optimistic in deep-submicron
technologies. However, it is used here in order to reduce the complexity of the cal-
culations, and more importantly resulting in compact formulas for phase noise in
the 1/f2 region which serve as upper boundaries for performances in the DS-VCO.
For convenience the analysis starts by the definition of the equations describing
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the MOS transistors and their transconductance (gm,n/p). It is straightforward to
express the drain currents of NMOS transistors from in Fig. 4.12(b) as:

IM1(φ) =
βn

2
(V+ − Vn)

2
; IM2(φ) =

βn

2
(V− − Vn)

2
(4.51)

where the threshold voltage is included in Vn and βn = µnCoxW/L (µn being the
electron mobility, Cox the gate-oxide capacitance and W/L the ratio of transistor
width and length respectively). The total current (IB) is obtained by:

IB(φ) = IM1(φ) + IM2(φ). (4.52)

The currents through the PMOS pair are given by:

IP1(φ) =
βp

2
(Vp − V+)

2
; IP2(φ) =

βp

2
(Vp − V−)

2
; IB(φ) = IP1(φ) + IP2(φ),

(4.53)
where Vp = Vdd−|Vth,p|. Vn in (4.51) may be rewritten, using the relation in (4.52),
as:

Vn =

√

IB

βn
− A2

tank sin2(φ). (4.54)

Substituting (4.54) in (4.51) the limit angle Φn describing the operation mode of
the transistors is obtained as:

sin2(Φn) =
IB

2βnA2
tank

→ Φn = arcsin

√

IB

2βnA2
tank

, (4.55)

where for −Φn ≤ φ ≤ Φn the NMOS pair operate in saturation. Using (4.55),
(4.54) may be rewritten as:

Vn = Atank

√

2 sin2(Φn) − sin2(φ), (4.56)

and (4.51) as:

IM1(φ) =
βnAtank

2

(

sin(φ) −
√

2 sin2(Φn) − sin2(φ)

)2

,

IM2(φ) =
βnAtank

2

(

− sin(φ) −
√

2 sin2(Φn) − sin2(φ)

)2

. (4.57)

The equations for the PMOS pair have the very same form as (4.57), thus, all
results found for M1 and M2 can be immediately reused for P1 and P2, once βn

has been substituted with βp. For sake of completeness, the transconductance of
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the NMOS pair as a function of Φn is expressed as:

gm,M1(φ) = βnAtank

(

sin(φ) −
√

2 sin2(Φn) − sin2(φ)

)

,

gm,M2(φ) = βnAtank

(

− sin(φ) −
√

2 sin2(Φn) − sin2(φ)

)

. (4.58)

For calculation of phase noise, the symbolic expression of the various ISFs can
be found by applying the procedure used in the studies of Colpitts oscillator and
CMOS SS-VCO in Paper VI and Paper VII respectively. Thus, the impact of a
current impulse in parallel to the noise source whose related ISF is of interest is
investigated according to Fig. 4.14. An arbitrary charge of value ∆Q is injected
into the oscillator and, thereby, the induced voltage ∆V across C is calculated. As
discussed in the beginning of this chapter, when this procedure is applied to the
current noise associated RT in Fig. 4.13, the induced voltage across C is ∆V =
∆Q/C. According to the assumption from (4.49), the resulting ISF associated to
RT is given by:

ΓRT
(φ) = cos(φ). (4.59)

The remaining ISFs for the noise sources in Fig. 4.13 are found as a function of
ΓRT

(φ), keeping in mind that an induced voltage ∆V of value ∆Q/C across C
generates ΓRT

(φ). Using the simplified circuit schematic in Fig. 4.14 and injecting
a current impulse in parallel to M1 its found that:

∆VM1(φ) =
∆Q

C
· gm,M2(φ)

gm,M1(φ) + gm,M2(φ)
, (4.60)

thus the ISF associated to M1 is obtained as:

ΓM1(φ) = ΓRT
(φ)

gm,M2(φ)

gm,M1(φ) + gm,M2(φ)
= cos(φ)

gm,M2(φ)

gm,M1(φ) + gm,M2(φ)
. (4.61)

Following the same procedure as in (4.61) the remaining ISFs for M2, P1 and P2
are derived to be:

ΓM2(φ) = cos(φ)
gm,M1(φ)

gm,M1(φ) + gm,M2(φ)
, (4.62)

ΓP1(φ) = cos(φ)
gm,P2(φ)

gm,P1(φ) + gm,P2(φ)
, (4.63)

ΓP2(φ) = cos(φ)
gm,P1(φ)

gm,P1(φ) + gm,P2(φ)
. (4.64)

As in the case of the CMOS Colpitts, the channel induced noise is cyclo-
stationary, since the bias voltages of the transistors vary across the oscillation



70 CHAPTER 4. PHASE NOISE

L

C

TR

V

Vg -m,P1 Vg +m,P2

(V  - V )g
+m,M2 n

(V  - V )g
-m,M1 n

Vn

V+ V-

Q

Figure 4.14: Simplified small signal circuit schematic for derivation of ISFs.

period. Thereby, for complete description of the effective ISFs (Γeff(φ) defined
in (4.17)) related to each MOS transistor, the parameter α(φ) is necessary. The
time-variant part of the channel thermal noise is found by inspecting the commonly
used expression for the noise current power of the MOS transistors, given by:

i2ids

∆f
= 4kBTγn/p · gm,n/p(φ), (4.65)

where γn/p (γ = 2/3 in the long-channel limit) is the device noise coefficient for the
NMOS and PMOS transistor, respectively. Without loss of generality, using (4.65)
α(φ) is obtained as:

α(φ) =
√

gm,n/p/g′m,n/p, (4.66)

where g′m,n/p is the maximum value of gm,n/p(φ). Thereby, the stationary part of

noise channel noise may be derived from (4.65) according to:

i2′ids

∆f
= 4kBTγn/p · g′m,n/p. (4.67)

Equation (4.67) may be translated into each specific case of MOS transistor in

Fig. 4.13. As an example, i2′ids,M1
may be modified by using (4.58) according to:

i2′ids,M1

∆f
= 4kBTγn · βnAtank, (4.68)
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where αM1(φ) is obtained from (4.58) as:

αM1(φ) =

√

(

sin(φ) −
√

2 sin2(Φn) − sin2(φ)

)

. (4.69)

Thereby, the effective ISF of M1 is found by using (4.61) and (4.69):

Γeff,M1(φ) = ΓM1(φ) · αM1(φ). (4.70)

The remaining noise sources Γeff(φ) may be obtained following the same approach
as in the case of M1. The total phase noise displayed by the DS-VCO is obtained
using:

L(∆ω) = 10 log

[

1

2q2
max∆ω2

(

i2RT

∆f
Γ2

rms,RT
+

i2′ids,M1

∆f
Γ2

eff,rms,M1

+
i2′ids,M2

∆f
Γ2

eff,rms,M2 +
i2′ids,P1

∆f
Γ2

eff,rms,P1 +
i2′ids,P2

∆f
Γ2

eff,rms,P2

)]

,

(4.71)

where

Γ2
rms,RT

· i2RT
/∆f = 4kBT

1

R
· 1

2π

∫ 2π

0

cos2(φ) dφ = 2kBT
1

RT
, (4.72)

Γ2
eff,rms,M1 · i2′ids,M1

/∆f =
1

2π

∫ 2π

0

Γ2
eff,M1(φ) · i2′ids,M1

/∆f dφ ≈ kBTγn
1

2RT
, (4.73)

Γ2
eff,rms,P1 · i2′ids,P1

/∆f =
1

2π

∫ 2π

0

Γ2
eff,P1(φ) · i2′ids,P1

/∆f dφ ≈ kBTγp
1

2RT
. (4.74)

Finally, keeping in mind that because of symmetry, M2 (P2) contributes as much
noise as M1 (P1) and substituting the relevant equations into (4.71), the total phase
noise is obtained as:

LDS-VCO(∆ω) = 10 log

(

kBT

RT A2
tankC2∆ω2

(

1 +
γn + γp

2

))

= 10 log

(

kBT

RT ( 4
πRT IB)2C2∆ω2

(

1 +
γn + γp

2

))

. (4.75)

The above expression shows the minimum phase noise in the 1/f2 region for the
DS-VCO. This result may be compared to the minimum phase noise displayed by
the SS-VCO, given by (see Paper VI):

LSS-VCO(∆ω) = 10 log

(

kBT

RT ( 2
πRT IB)2C2∆ω2

(

1 + γn

))

. (4.76)
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From (4.75) and (4.76) it is obvious that LDS-VCO(∆ω) = LSS-VCO(∆ω) − 6dB, if
γp = γn. Further it is noticed that the noise contributions from the MOS transistors
in both topologies are proportional to γ and independent of transistor transconduc-
tance. The relative impact of each noise source in the DS-VCO is half of that in
the SS-VCO, while the total contributions are the same in both topologies, since
there are twice as many noise sources in the DS-VCO.

A few comments may be made upon the derived expressions for phase noise.
Generally, the MOS long-channel equations are optimistic in deep-submicron tech-
nologies. However, in the case of the SS/DS-VCOs complete current switching occur
already at low overdrive voltages and hence at low drain-source voltages, which do
define long-channel condition. It should be noted that (4.75) and (4.76) are based
on the reasonable assumption of hard-switching of transistors and are independent
on the relative ’on-state’ time of each transistor pair. This assumption is possible
to satisfy in practice which results in the oscillation amplitude in (4.50) [75]. The
analysis is based on a LTV approach and is in principle similar to the spectreRF
simulator calculations. Therefore, the results obtained here are, under the above
mentioned assumptions, very exact and may easily be confirmed against spectreRF
simulations.

4.4.2 Source of Phase Noise Degradation in the DS-VCO

In the previous section the minimum phase noise displayed by the DS-VCO was
shown. From (4.75), it is obvious that the NMOS and PMOS switches ideally con-
tribute equally to phase noise if γ is equal for respective transistors. However, in a
practical implementation were a tail current source is incorporated, an asymmetry
is caused between the respective transistor pairs. If the current source is included at
the sources of the NMOS switches, their sources will experience a higher impedance
level than in the PMOS switches (NMOS and PMOS swap of course roles if top-
biasing is adopted). As a consequence, the relative noise contributions from each
pair deviate from the ideal relation obtained in (4.75), particularly in presence of
parasitic capacitive paths to ground. This is demonstrated in the limiting case
when the whole tank capacitance is made of two capacitors (Cpar) between the LC-
tank outputs and ground, as depicted in Fig. 4.15. To ensure the same resonance
frequency, Cpar must be twice as large as C. In presence of Cpar the symbolic
calculations of the ISF associated to each pair becomes much more complex. How-
ever, with the aid of circuit simulations it is easy to verify than an impulse current
of area ∆Q injected in parallel to RT results in a ∆V = ∆Q/C, from which it is
observed that the ISFs from (4.61)-(4.62) for M1 and M2 are unchanged. On the
other hand, it is observed that the ISFs associated to the PMOS pair are much
larger and may be approximated to:

ΓP1(φ) = ΓP2(φ) ≈ ΓRT
(φ)

2
. (4.77)
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Figure 4.15: Sensitivity of the PMOS noise contributions to parasitic capacitances.

The above expression shows that each PMOS transistor in presence of Cpar con-
tributes to phase noise over the entire semi-period when it is active and not only
during the short commutation time when both PMOS are active. As a result, the
noise contributions from the PMOS pair may rapidly become the most dominant
source. In fact, such an example is found in [75] where the combined impact of
the PMOS and NMOS transistors is 86% of the total phase noise in the DS-VCO.
This issue is easily verified against spectreRF simulations. Under very general con-
ditions, if half of the tank capacitance is consisting of Cpar, the simulated phase
noise is deteriorated by approximately 4dBc/Hz in the 1/f2 region. Thus, the im-
pact of Cpar should be minimized by very careful layout. The substrate parasitic
capacitances originating from the inductor and varactors should be kept as small as
possible. For instance, the ground shielded patterns for integrated inductors may
not necessary yield a lower phase noise performance compared to non-shielded coils
(this is of course under the assumption of that the resonator Q is the same in both
implementations). Further, the transistor dimensions should be kept as small as
possible while satisfying (4.50) for a given tank current. This is easily achieved in
our technology by having the PMOS transistors approximately twice as large as
their NMOS counterparts. Any additional capacitive loads, such as those arising
from 50Ω buffers should also be reduced.

4.4.3 Implementation and Experimental Verifications

A DS-VCO and a reference SS-VCO were designed in a 0.35µm CMOS technology
with four aluminum metal layers. For demonstration purpose of the proposed the-
oretical analysis of phase noise, both circuits are operating in the current-limited
region, dissipate the same amount of power and make usage of an identical res-
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onator. A center-tapped inductor, with inductance value of 2.6nH and a Q≈10–11,
together with a set of floating MIM capacitors and two MOS accumulation-mode
varactors set a center frequency of 2.25GHz. The varactors are intentionally made
as small as possible, in order to reduce any unwanted phase noise degradations in
respective topology. Very compact and careful layout has been considered in order
to maximize the core capacitance in relation to Cpar in both circuits. The mini-
mization of Cpar in relation to the core tank differential capacitance is a difficult
process if a high oscillation frequency is desired for a given inductor. If a -6dBc/Hz
improvement in phase noise is to be obtained in the DS-VCO compared with the
SS-VCO, the maximum oscillation frequency gets limited to the actual value of
Cpar. In our technology, for a given center-tapped inductor and the layout skills
of the author, the -6dBc/Hz improvements are possible for a maximum oscillation
frequency of 2.5GHz. For higher frequencies, the floating equivalent core tank ca-
pacitance needs to be reduced, thereby, the impact of Cpar becomes larger and
consequently deteriorating the phase noise in the DS-VCO. An alternative solution
is to choose a smaller inductance value, however, in practice this is not the best
option due to the limited availability of high Q inductors. After layout optimiza-
tions and parasitic extraction simulations, the -6dBc/Hz improvements in phase
noise compared to the reference SS-VCO were possible to achieve for oscillation
frequencies up to 2.4GHz.

Both VCOs were wire-bonded to a ceramic SOC32 package. Both on-chip and
off-chip decoupling were used. The phase noise was measured with a PN9000 sys-
tem while the output power and operating frequency were measured with a spec-
trum analyzer. Both circuits are tunable from 2.15–2.35GHz. The phase noise
was measured at different frequencies and for different biasing conditions in the
current-limited region. Figure 4.16 shows the measured phase noise for both VCOs
at 2.3GHz using a bias current of 4mA drawn from a 2.5V supply. It is clear from a
large number of measurements, that the DS-VCO displays a phase noise difference
of -5 – -7dBc/Hz compared to the SS-VCO when working in the current limited
region. In Paper VIII more measurement data are reported, all showing very good
agreement with the theoretical -6dBc/Hz. The absolute values of phase noise at
3MHz offset for both VCOs are in excellent agreement to those obtained in simu-
lations, especially if the uncertainties on the tank Q is considered. Even assuming
Q=11 (i.e. the best reasonable estimation for the Q of the inductor used in this
work), the deterioration of the measured phase noise, compared to what expected
from (4.75), is 1dB at most. Therefore, the phase noise performance of the DS-VCO
in this work, is believed to be optimal.

A literature survey over the recent state-of-the-art FoM CMOS VCO designs is
shown in Table 4.2 and Table 4.3 for SS-VCOs and DS-VCOs, respectively. Ta-
ble 4.3 clearly shows that the DS-VCO in this work presents the highest FoM to
date for DS-VCOs despite to the process used. Only the DS-VCO reported in [99]
have an almost equally high FoM as in this work. However, [99] claims to achieve
a very high Q (almost twice as large as in this design) by using a transformer tech-



4.4. PHASE NOISE IN CMOS LC-TANK OSCILLATORS 75

10k 100k 1M 10M
-160

-150

-140

-130

-120

-110

-100

-90

-80

-70

SS-VCO

 

 
P

ha
se

 N
oi

se
 (d

B
c/

H
z)

Offset Frequency

DS-VCO

Figure 4.16: Measured phase noise of the SS-VCO and the DS-VCO, when both
employ the same power dissipation in current-limited region and operate at same
frequency.

nique, which in context of the theoretical expressions derived in this work shows
the relatively poor performance of the design. Comparing the performance of the
DS-VCO with the FoMs reported in Table 4.2 for SS-VCOs, only two implementa-
tions in much more modern processes [8, 82], show a higher FoM than the DS-VCO
disclosed here. Finally, the best FoM obtained in measurements for the SS-VCO
is calculated (for VDD=1.5V and IB=6.5mA) to be 189.6dBc/Hz, which is also
competitive with the state-of-the-art implementations.
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Table 4.2: Performance overview of some of the most recently published high FoM
CMOS SS-VCO designs.

Ref. Technology f0 P L FoM
µm (GHz) (mW) (dBc/Hz) (dBc/Hz)

[6] 0.25 2.10 12.2 -134@3MHz 189.4
[7] 0.25 1.80 32.4 -142.5@3MHz 183.0
[8] 0.25 1.00 9.1 -152@3MHz 192.9
[82] 0.18 5.25 4.2 -127@1MHz 195.2
[86] 0.18 1.80 4.8 -123.5@600KHz 186.2
[100] SOI 0.18 5.33 17.3 -126@1MHz 188.2

Paper VI 0.35 2.90 16.0 142@3MHz 189.5
Paper VIII 0.35 2.35 10.0 -141.7@3MHz 189.6

Table 4.3: Performance overview of some of the most recently published high FoM
CMOS DS-VCO designs.

Ref. Technology f0 P L FoM
µm (GHz) (mW) (dBc/Hz) (dBc/Hz)

[61] 0.35 1.91 10.0 -121@600KHz 181.0
[62] 0.35 1.90 2.0 -125@1MHz 187.6
[69] 0.25 5.60 7.3 -132@3MHz 188.8
[75] 0.25 1.80 6.0 -121@600KHz 182.8
[79] SOI 0.13 5.60 2.0 -114.6@1MHz 186.6
[80] SOI 0.13 4.40 2.3 -117.8@1MHz 187.1
[99] 0.35 1.70 35.0 -142@1MHz 191.2
[101] 0.13 1.70 0.3 -117@1MHz 188.0
[102] 0.18 2.22 18.5 -131.9@1MHz 186.1
[103] 0.25 3.75 5.0 -125@1MHz 189.5
[104] 0.18 1.55 1.5 -119@1MHz 185.6
[105] 0.25 1.70 10.0 -134@900KHz 189.5
[106] 0.18 5.33 14.0 -147.3@10MHz 190.4

Paper VIII 0.35 2.25 10.0 -143.9@3MHz 191.6
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4.5 Chapter Summary

In this chapter theoretical calculations of phase noise in the 1/f2 region using a
LTV theory were shown. The main shortcoming of the Hajimiri and Lee’s LTV
theory, i.e. the numerical calculations of the ISF, were replaced with symbolic rep-
resentation of the ISF as a function of the circuit related parameters. As a result,
closed-form symbolic expressions of phase noise were obtained. For demonstration
purpose of the proposed approach, detailed analysis of the famous bipolar Colpitts
oscillator was derived. The well-known optimum in phase noise as a function of n,
which in many works has been shown by numerical calculations or simulations, was
theoretically obtained under very general assumptions. The validity of calculations
was successfully confirmed against simulations and measurements. Further, a com-
parison between the CMOS and bipolar Colpitts oscillator was carried out. The
main interesting observations are 1) phase noise in CMOS Colpitts is optimized
for the same value of n as in the case of bipolar Colpitts and 2) the phase noise
performance of the CMOS Colpitts oscillator is expected to be lower than in the
bipolar case for a given power consumption and LC-tank.

Phase noise in the popular SS-VCO and DS-VCO topologies was also treated in
this chapter. In particular, detailed calculation for prediction of phase noise for the
DS-VCO was shown. The most interesting results gathered from these expressions
is that phase noise in both topologies are independent of transistor dimensions or
gm. Instead, the phase noise contributions from the transistors in both topologies
are simply proportional to 1/RT and γ. An interesting and careful comparison of
the minimum phase noise displayed by the DS-VCO and the SS-VCO topologies,
clearly shows a 6dBc/Hz lower phase noise in favor of the DS-VCO. This is de-
spite the fact of two additional transistors present in the DS-VCO structure. This
results are only due to the doubling in oscillation amplitude for the DS-VCO topol-
ogy while the “phase-noise-generating noise” is the same in both topologies. The
mechanisms causing degradation of phase noise in the DS-VCO were traced to the
sensitivity of the PMOS cross-coupled pair to parasitic capacitances. Careful layout
and reduction of parasitic capacitive coupling to ground is the only way of reduc-
ing this unwanted effect to its minimum. The theoretical analysis and comparison
were successfully confirmed in measurements on a DS-VCO and a SS-VCO which
employed identical LC-tanks and power consumption. The experimental results
were compared with state-of-the-art implementations published in literature, high-
lighting the superior phase noise performance of the DS-VCO. More importantly,
the results obtained show the importance and aid of the theoretical expressions for
optimization purpose of integrated VCOs.
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Chapter 5

Concluding Remarks

The main focus of this thesis has been on analysis, design and optimization of
integrated wide-band bipolar/CMOS VCOs. Aspects such as tuning range, multi-
band frequency generation, reconfigurability, power dissipation and phase noise
have been studied.

The need for multi-band and multi-standard operation makes it necessary to
develop reconfigurable VCOs that can serve the stringent and often widely varying
performance of various wireless communication standards. In this work, the WLAN
802.11a/b/g standards were targeted for demonstration of the circuit ideas. The
essential differences between narrow-band and wide-band VCO design have been
addressed. It can be concluded that the traditional varactor tuning techniques are
not sufficient for wide-band tuning and good phase noise performance. Therefore,
alternative tuning techniques have been investigated, such as the discrete frequency
tuning using high Q fixed capacitors. Circuit simulations and measurements on
several fully functional wide-band VCOs show that the discrete switched capacitor
tuning technique is a good option for extension of the tuning range. Multi-band
frequency generation has also been investigated. The frequency division technique
is a promising solution, however, this becomes a challenging task at very high
frequencies. Therefore, in such cases, it is more efficient to either have several
VCOs or use a combination of switched inductors and capacitors at the cost of a
larger chip area.

The very first characterizations of wide-band VCO designs in this thesis con-
firmed a significant design issue that is often disregarded in literature. For a wide-
band VCO the impact of the resonator Q variations complicate the design and
degrade the phase noise performance. From practical point of view, the variations
in Q cause changes in the oscillation amplitude, this in turn not only affects the
VCO performance but also the neighboring circuits that are driven by the VCO
outputs. The traditional approach of operating the VCO at the boundaries of the
current- and voltage-limited regions to achieve the lowest phase noise and maximize

79



80 CHAPTER 5. CONCLUDING REMARKS

the power consumption efficiency is not straightforward in wide-band implementa-
tions. In order to aid the design and improve the functionality and performance,
a low noise automatic amplitude calibration circuit was suggested in this work.
The feedback control loop automatically adjusts the biasing conditions and the res-
onator current for each specific operation frequency. This technique was shown,
in both simulations and measurements, to improve the power efficiency and phase
noise performance while stabilizing the amplitude across the frequency range.

Various quadrature generation methods have also been studied in this work.
In summary, the direct QVCO structures, based on mutually coupled differential
VCOs, are good candidates in wide-band designs. Their frequency tuning may be
extended for wide-band operation in the same fashion as in the differential VCOs.
However, there is a momentous design issue in a QVCO compared to a differen-
tial VCO. The coupling mechanism of QVCOs has dominant impact on the phase
noise performance, quadrature accuracy and oscillation amplitude. First, the pres-
ence of the coupling switches and their noise contributions reduce the overall phase
noise compared to a single-phase or differential VCO. The second mechanism is the
reduction of the effective Q and, thus, the oscillation amplitude caused by a mis-
alignment in the phases in between the tank current and voltage. Unfortunately,
the relative amplitude degradations and phase noise deterioration are dependent on
the coupling strength and are traded against the phase accuracy in many QVCO
structures. These issues become even more severe in wide-band QVCOs if the res-
onator Q variations are incorporated. Thus, an improved QVCO topology, based
on the DS-VCO topology, with superior oscillation amplitude and phase noise per-
formance for wide-band implementations was suggested in this work. The circuit
idea has been compared to other conventional topologies both in simulations and
measurements, all showing the relatively good performance of the proposed QVCO.

The last part of this work deals with the more complex performance parame-
ter in VCOs, namely the phase noise. Although the most dominant noise source
originating from the LC-resonator losses is of stationary form, the active’s noise
contribution to phase noise is not negligible in any low phase noise VCO design.
In particularly thermal or shot noise associated with transistor conduction exhibit
a time-dependent power spectral density. In order to model such noise sources two
different phase noise models may be considered; the classical Leeson phase noise
model and Hajimiri and Lee’s LTV model. The former model is not sufficient for
accurate prediction of phase noise, since it neglects the time varying nature of os-
cillators. The LTV model on the other hand, incorporates the cyclo-stationary part
in the prediction of noise through the ISF-theory. The most attractive feature of
this model is that the conversion from low frequency noise to phase noise is ex-
plained and complete transistor models are incorporated in the analysis. However,
this comes at the cost of numerical calculations and very time consuming repeated
transient simulations. The approach proposed in this work make usage of simpli-
fied small signal circuit analysis together with symbolic calculations of the ISF.
This was shown to be possible by retrieving back to the definitions of the ISF. The
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well-known symbolic ISF expression of the LC-tank is used for prediction of other
noise sources associated ISFs. Thereby, rigorous closed-form symbolic equations
for the 1/f2 phase noise in LC-tank oscillators were obtained. This approach has
been successfully adopted for prediction of phase noise in several popular VCO
topologies. In summary it can be concluded that phase noise caused by dominant
noise sources in the bipolar/CMOS Colpitts is inversely proportional to the res-
onator Q and may be minimized for same value of capacitive division ratio in both
implementations. These derivations show no explicit dependency on the transistor
transconductance or dimensions. Interestingly, the impact of collector shot noise in
the bipolar Colpitts implementation is less that the channel thermal noise from the
MOS transistors in a CMOS implementation. However, further phase noise degra-
dations in bipolar implementations are expected and traced to the base thermal
noise of BJT’s.

Based on the same theoretical approach phase noise in the SS-VCO and DS-VCO
topologies was also investigated. The most interesting results from these analysis
are that phase noise in both topologies are independent of transistor dimensions
or transconductance. Instead, the phase noise contributions from the cross-coupled
transistors in both topologies are simply inversely proportional to resonator Q and
proportional to the device noise coefficient. A careful comparison of the minimum
phase noise displayed by the DS-VCO and the SS-VCO topologies, clearly shows a
6dBc/Hz lower phase noise in favor of the DS-VCO.

From these analysis it can be concluded that CMOS VCOs are capable of very
good phase noise performance. However, the noise to phase noise mechanism is
very dependent on the oscillator topology. As an example, transistors in the CMOS
Colpitts oscillators generate a great amount of noise, but the conversion into phase
noise is minimal due to the small fraction of time the transistors are active. In
contrary, the transistors in the SS/DS-VCO produce little noise, but all of this
noise is converted to phase noise. It should be noticed that these interesting and
remarkable observations are only possible through a LTV phase noise analysis.

All theoretical analysis presented in this work has been verified against ad-
vanced circuit simulations and measurements. The characterization of the VCO
prototypes, with respect to the phase noise performance and power consumption,
confirms the theory with very good agreement. As demonstration of the importance
and aid of the theoretical analysis for optimization purpose of integrated VCOs, a
fully integrated CMOS DS-VCO with superior phase noise performance and power
dissipation was reported in this thesis.

5.1 Future Research

Perhaps the most interesting and important knowledge gained in completing the
Ph.D studies is that one can never, even for a very narrow field of research area,
completely investigate everything in details. As a result, a number of interesting
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research topics are remaining in this field and in this section some of the ideas are
revealed.

For fully integrated high performance transceivers it is of great interest to char-
acterize the effects of mixed-signal digital noise on the performance of RF VCOs.
Even though some papers mention the sensitivity of oscillator circuits to the noise
that is coupled from the supply sources, bias sources or the substrate, only a few
ideas have been presented in reducing these effects. Therefore, more research for
immunity to the on-chip interference sources is needed for high performance system-
on-chip solutions.

Although the RF signal paths have received most of the attention in literature,
biasing and output loading can figure prominently in the circuit performance. Noise
from the biasing circuitry may easily overwhelm that in the signal path, necessitat-
ing careful design and often a non-negligible power consumption to keep the noise
low. Investigation of different biasing topologies to reduce the amount of injected
low frequency noise is also an area with potential value. Further, more investiga-
tions on adaptive and automatic amplitude controlling techniques for VCOs are
necessary, at least for proper functionality and performance of wide-band imple-
mentations.

As described in Chapter 2 and 3 the impact of accurate quadrature signals are
of great significance in low cost transceiver implementations. Although massive
research is currently dedicated to QVCOs, the trade-off between phase noise and
quadrature error is not completely investigated. The theoretical phase noise analy-
sis on differential VCOs in this work should be applicable to the more complex case
of QVCOs. Such investigations would definitely aid the design and optimizations
of the critical performance parameters in QVCOs.

Another topic, which has always been an interesting field of research, is the
design and integration of inductors and varactors. The importances of these com-
ponents have been highlighted in the phase noise analysis of VCOs in this work. In
particular, all the noise from actives in several conventional VCO topologies was
shown to be reduced as the resonator Q or the oscillation amplitude is increased. It
should be noticed that the results obtained from these analysis are completely in-
dependent of the technology used. This motivates research on passive components
especially for the ever ongoing technology scaling. For every new scaled genera-
tion of bipolar/CMOS technologies, the supply voltage is roughly halved while the
threshold voltages are only marginally reduced. Turning to the design of a low phase
noise VCO, the oscillation amplitude will also get limited to the supply voltage and
physical limitations in the technology. Thereby, the only way of reducing the phase
noise is to improve the Q of the passives (this of course in the context of other circuit
parameters). Although with the increasing number of metal layers some improve-
ments are achieved in Q of the passives, the relative reduction in the oscillation
amplitude is generally much larger. Therefore, more innovative circuit solutions
for reducing the noise to phase noise in combination with improved resonators are
necessary for future mixed-mode implementations in scaled technologies.
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CMOS LC VCO Topologies for Wide-Band Multi-Standard Transceivers,” in
IEEE 47th Midwest Symposium on Circuits and Systems, vol. 3, July 2004,
pp. 17–20.

[77] A. Tasic, W. A. Serdijn, and J. R. Long, “Multi-Standard/Multi-Band Adap-
tive Voltage-Controlled Oscillator,” in IEEE Radio Frequency Integrated Cir-
cuits Symposium, June 2003, pp. 135–138.

[78] P. Kinget, Integrated GHz Voltage Controlled Oscillators. Norwell, MA:
Kluwer Publish, 1999.

[79] N. H. W. Fong, J.-O. Plouchart, N. Zamdmer, L. Wagneret, C. Plett, and
N. Tarr, “Design of Wide-Band CMOS VCO for Multiband Wireless LAN
Applications,” IEEE Journal of Solid-State Circuits, vol. 38, no. 8, pp. 1333–
1342, August 2003.

[80] N. Fong, J.-O. Plouchart, N. Zamdmer, D. Liu, L. Wagner, C. Plett, and
N. Tarr, “A 1-V 3.8 - 5.7-GHz Wide-Band VCO with Differentially Tuned
Accumulation MOS Varactors for Common-Mode Noise Rejection in CMOS
SOI Technology,” IEEE Transactions on Microwave Theory and Techniques,
vol. 51, no. 8, pp. 1952–1959, August 2003.



90 BIBLIOGRAPHY

[81] S. Yim and K. O. Kenneth, “Demonstration of a Switched Resonator Con-
cept in a Dual-Band Monolithic CMOS LC-Tuned VCO,” in IEEE Custom
Integrated Circuits Conference, May 2001, pp. 205–208.

[82] Z. Li and K. O. Kenneth, “A Low-Phase-Noise and Low-Power Multiband
CMOS Voltage-Controlled Oscillator,” IEEE Journal of Solid-State Circuits,
vol. 40, no. 6, pp. 1296–1302, June 2005.

[83] M. A. Margarit, J. L. Tham, R. G. Meyer, and M. J. Deen, “A Low-Noise,
Low-Power VCO with Automatic Amplitude Control for Wireless Applica-
tions,” IEEE Journal of Solid-State Circuits, vol. 34, no. 6, pp. 761–771,
June 1999.

[84] A. Zanchi, C. Samori, S. Levantino, and A. L. Lacaita, “A 2-V 2.5-GHz-
104-dBc/Hz at 100 kHz Fully Integrated VCO with Wide-Band Low-Noise
Automatic Amplitude Control Loop,” IEEE Journal of Solid-State Circuits,
vol. 36, no. 4, pp. 611–619, April 2001.

[85] J. W. M. Rogers, D. Rahn, and C. Plett, “A Study of Digital and Analog
Automatic-Amplitude Control Circuitry for Voltage-Controlled Oscillators,”
IEEE Journal of Solid-State Circuits, vol. 38, no. 2, pp. 352–356, February
2003.

[86] A. D. Berny, A. M. Niknejad, and R. G. Meyer, “A 1.8GHz LC VCO with
1.3 GHz Tuning Range and Mixed-signal Amplitude Calibration,” in IEEE
Symposium on VLSI Circuits, Digest of Technical Papers, June 2004, pp.
54–57.

[87] D. Leenaerts, J. van der Tang, and C. Vaucher, Circuit Design for RF Trans-
ceivers. Dordrecht, The Netherlands: Kluwer Academic Publisher, 2001.

[88] C.-M. Hung, N. Barton, M.-C. Lee, and D. Leipold, “An Ultra Low Phase
Noise GSM Local Oscillator in a 0.09-µm Standard Digital CMOS Process
with No High-Q Inductors,” in IEEE Radio Frequency Integrated Circuit Sym-
posium, June 2004, pp. 483–486.

[89] H. C. Choi, S. B. Shin, and S.-G. Lee, “A Low Phase Noise LC-QVCO
in CMOS Technology,” IEEE Microwave and Wireless Component Letters,
vol. 14, no. 11, pp. 540–542, November 2004.

[90] P. Andreani, A. Bonfanti, L. Romano, and C. Samori, “Analysis and Design
of a 1.8 GHz CMOS LC Quadrature VCO,” IEEE Journal of Solid-State
Circuits, vol. 37, no. 12, pp. 1737–1747, December 2002.

[91] H.-R. Kim, C.-Y. Cha, S.-M. Oh, M.-S. Yang, and S.-G. Lee, “A Very Low-
Power Quadrature VCO with Back-Gate Coupling,” IEEE Journal of Solid-
State Circuits, vol. 39, no. 6, pp. 952–955, June 2004.



BIBLIOGRAPHY 91

[92] E. H. Colpitts and O. B. Blackwell, “Carrier Current Telephony and Teleg-
raphy,” Proceedings of IEEE, pp. 340–359, 1921.

[93] R. Aparicio and A. Hajimiri, “A Noise-Shifting Differential Colpitts VCO,”
IEEE Journal of Solid-State Circuits, vol. 37, no. 12, pp. 1728–1736, Decem-
ber 2002.

[94] Y. Ou, N. Barton, R. Fetche, N. Seshan, T. Fiez, U. Moon, and K. Mayaram,
“Phase Noise Simulation and Estimation Methods: a Comparative Study,”
IEEE Transactions on Circuits and Systems, vol. 49, no. 9, pp. 635–638, 2002.

[95] Q. Huang, “Phase Noise to Carrier Ratio in LC Oscillators,” IEEE Transac-
tions on Circuits and Systems, vol. 47, no. 7, pp. 965–980, July 2000.

[96] G. V. Klimovitch, “A Nonlinear Theory of Near-Carrier Phase Noise in Free-
Runing Oscillators,” in IEEE Conference on Devices, Circuits and Systems,
2000, p. T80/1.

[97] L. R̊ade and B. Westergren, Mathematics Handbook for Science and Engi-
neering, 4th ed. Studentlitteratur, 2000.

[98] H. Wang, A. Hajimiri, and T. Lee, “Comments on: Design issues in CMOS
differential LC oscillators [and Reply],” IEEE Journal of Solid-State Circuits,
vol. 35, no. 2, pp. 286–287, February 2000.

[99] M. Straayer, J. Cabanillas, and G. Rebeiz, “A Low-Noise Transformer-Based
1.7 GHz CMOS VCO,” in IEEE International Solid-State Circuits Confer-
ence, Digest of Technical Papers, vol. 1, February 2002, pp. 286–287.

[100] T. Kim, A. Adams, and N. Weste, “High performance SOI and bulk CMOS
5GHz VCOs,” in IEEE Radio Frequency Integrated Circuits Symposium, June
2003, pp. 93–96.

[101] J. Midtgaard, T. Jeppesen, K. Christensen, E. Bruun, and P. Andreani, “Fully
Integrated 1.7GHz, 188dBc/Hz FoM, 0.8V, 320µW LC-Tank VCO and Fre-
quency Divider,” in IEEE VLSI Circuits Symposium, Digest of Technical
Papers, June 2005, pp. 244–247.

[102] C.-Y. Cha, H.-C. Choi, H.-T. Kim, and S.-G. Lee, “A Low-Noise Transformer-
Based 1.7 GHz CMOS VCO,” in IEEE Radio Frequency Integrated Circuits
Symposium, June 2005, pp. 399–402.

[103] A. Koukab, Y. Lei, and M. Declercq, “Design and Optimization of a Linear
Wide-Band VCO for Multi-Mode Applications,” in IEEE Radio Frequency
Integrated Circuits Symposium, June 2005, pp. 527–530.



92 BIBLIOGRAPHY

[104] J. Gil, S.-S. Song, H. Lee, and H. Shin, “A -119.2 dBc/Hz at 1 MHz, 1.5
mW, Fully Integrated, 2.5-GHz, CMOS VCO using Helical Inductors,” IEEE
Microwave and Wireless Components Letters, vol. 13, no. 11, pp. 457–459,
November 2003.

[105] Y. Wu and V. Aparin, “A Monolithic Low Phase Noise 1.7GHz CMOS VCO
for Zero-IF Cellular CDMA Receivers,” in IEEE International Solid-State
Circuits Conference, February 2004, pp. 396–398.

[106] R. Aparicio and A. Hajimiri, “Circular-Geometry Oscillators,” in IEEE In-
ternational Solid-State Circuits Conference, February 2004, pp. 378–379.


	paper VI.pdf
	toc
	A Study of Phase Noise in Colpitts and LC -Tank CMOS Oscillators
	Pietro Andreani, Member, IEEE, Xiaoyan Wang, Luca Vandi, and Ali
	I. I NTRODUCTION
	II. P HASE -N OISE A NALYSIS IN C OLPITTS O SCILLATORS
	A. Conduction Angle and Oscillation Amplitude


	Fig.€1. (a) Single-ended Colpitts oscillator. (b) Differential C
	Fig.€2. LC -tank oscillator.
	1) Single-Ended Versus Differential: Although the previous equat
	B. Phase Noise in the $1/f^2$ Region

	Fig.€3. Circuit for ISF calculations in a Colpitts oscillator.
	Fig.€4. Typical waveforms and ISFs in a Colpitts oscillator: $V_
	1) Theory Versus SpectreRF Simulations: The analog simulator spe
	Fig.€5. Normalized Colpitts phase noise versus $n$ with $% \gamma=

	III. T IME -I NVARIANT V ERSUS T IME -V ARIANT P HASE -N OISE A 
	TABLE I C ALCULATED AND S IMULATED N OISE C ONTRIBUTIONS ( IN $1

	IV. P HASE N OISE A NALYSIS IN LC -T ANK O SCILLATORS

	Fig.€6. Excess noise factor in Colpitts phase-noise analysis, as
	Fig.€7. ISF derivation in the LC -tank oscillator, when: (a) onl
	A. Tail Current Noise
	V. C OMPARISON B ETWEEN THE D IFFERENTIAL C OLPITTS O SCILLATOR 

	Fig. 8. ISF of the tail noise current for ${\bf \Phi}=10^{\circ}
	Fig. 9. Tail current phase-noise coefficient $\eta({\bf \Phi})$ 
	VI. M EASUREMENT R ESULTS

	Fig.€10. Die photograph of (a) Colpitts and (b) LC-tank differen
	Fig.€11. Photograph of PCB with flipped, bump-soldered Colpitts 
	Fig.€12. Phase-noise measurements for Colpitts and LC -tank diff
	VII. C ONCLUSION
	L. Dauphinee, M. Copeland, and P. Schvan, A balanced 1.5 GHz vol
	F. Mernyei, M. Pardoen, W. Höß, and F. Darrer, Fully integrated 
	D. Baek, S. Ko, J.-G. Kim, D.-W. Kim, and S. Hong, Ku -band InGa
	R. Aparicio and A. Hajimiri, A noise-shifting differential Colpi
	W. Michielsen, L.-R. Zheng, H. Tehnunen, S. Pinel, and J. Laskar
	A. Hajimiri and T. H. Lee, A general theory of phase noise in el
	Q. Huang, Phase noise to carrier ration in LC oscillators, IEEE 
	T. H. Lee, The Design of CMOS Radio-Frequency Integrated Circuit
	P. Andreani and X. Wang, On the phase-noise and phase-error perf
	A. Hajimiri and T. H. Lee, Corrections to A general theory of ph
	J. J. Rael and A. Abidi, Physical processes of phase noise in di






